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Abstract— From DDR3 and beyond, the fly-by has been
widely used as it can support high data rate operations by
providing smaller trace stubs and capacitive loadings. Even so,
beyond a certain number of loadings, the fly-by also starts to
have trouble in keeping up with high data rates. To
accommodate larger loadings, either data rate needs to be
reduced or advanced equalization techniques are required. To
address this limitation of fly-by topology, we propose advanced
fly-by topology routing.
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I. INTRODUCTION

In parallel bus interfaces like DDR, there are two routing
topologies well known i.e., T topology and fly-by topology.
Conventional, low-speed DDR systems distribute signals to
multiple receivers using a topology in which those signals
propagate to all the receivers in the system at the same time
using T-branches. In such systems, the propagation delays
introduce timing skew into the system, thereby limiting the
operating frequency of the bus and impacting the
performance of high-speed memory systems. In addition, the
performance of these topologies is also limited by capacitive
loading [1]. Both the flight time skew problem and the
capacitive loading issues discussed above can be solved using
the fly-by architecture.

The fly-by topology routing also known as daisy chain
topology, routes signals in a chain from single transmitter to
multiple receivers. This methodology supports higher
frequency operations by reducing the amount of trace stubs
from T-topology, thus improving signal integrity. Typical
routing topology for Gbps data rates for multi receiver
parallel bus interfaces has been fly-by routing for multiple
signal integrity reasons. Fly-by topology incurs less
simultaneous switching noise and reduces the number via
stubs. Because the arrival times of the signals at the receiver
are distributed in time, the time at which the signals encounter
the input capacitance of each of the receivers is similarly
distributed, thus reducing the capacitive loading issues
discussed above. The reduced capacitive loading enhances
the signal integrity and enables higher data rate signaling [2].
Fly-by architectures enable subsystems that require
operational data rates that are significantly greater than those
achievable with conventional approaches. Using fly-by
architectures allows designers to relax PCB trace length
requirements allowing much simpler and more compact
memory sub-system layouts. In addition, fly-by architectures

978-1-6654-5075-1/22/$31.00 ©2022 IEEE

Vinod Arjun Huddar

Bufferchip
Rambus Inc.

Bangalore, India
vhuddar@rambus.com

provide system benefits by enabling DDR systems to operate
with GHz data rates. This superior DDR system performance
results in improved performance in desktops, notebooks,
enterprise servers and storage, HDT Vs, gaming systems, and
handheld portable devices for end users.

If we increase the number of receivers connected to single
transmitter, beyond certain number, fly-by routing also starts
having trouble in keeping up with high data rates seen in
DDRS interface i.e., meeting setup and hold requirements of
each of receivers [3]. To accommodate higher number of
receivers, data rate needs to be reduced or better equalization
schemes at receiver needs to be implemented to meet
minimum eye requirement. To address this limitation of fly-
by topology, we propose advanced fly-by topology routing.
Advanced fly-by routing topology can double the number of
receivers as compared to fly-by with same data rate for Gbps
speed DDRS interface or improve eye with same higher
loading conditions without need for better equalization
schemes at receivers. Simulation results comparing fly-by and
advance fly-by topology with clock and data patterns will be
discussed.

(3 3 Microstrip lines on Top and Bottom

() Strip-lines on two different inner layers

Conventional fly-by topology

Advanced fly-by topology

Fig. 1. Conventional fly-by topology vs proposed advanced fly-by
topology



II. TIME-DOMAIN SIGNAL INTEGRITY ANALYSIS

A. Description of channel designs

The PCB (printed circuit board) channel designs used in
the analysis are shown in Fig. 1 with 10 loadings per channel.
In the conventional fly-by topology, the transmitter output
signal travels a short microstrip line trace on the top layer for
breaking out from package BGAs and then a strip-line on
M-2 layer, where M stands for the total number of the layers
of PCB. The stripline trace daisy-chains 5 loading sections,
each with two receivers one on the top and the other on the
bottom layer of PCB. We observed the signal integrity at the
last receiver on the top layer since it showed the worst
performance for its longest trace and via lengths.

In the advanced fly-by topology, after the first break-out
trace, the routing branches off to two strip-line traces. The
trace is designed on M-2 layer daisy-chaining 5 receivers on
the top layer and the other trace is designed on 3rd layer daisy-
chaining 5 receivers on the bottom layer. We observed the
signal integrity at the last receiver on the top layer since it
showed the worst performance for its longest trace. The last
receivers on the top and the bottom showed similar
performance as the layers on which traces are designed are
symmetric to each other. All transmission lines are designed
with 50 ohms characteristic impedance. For both topologies,
the last two receivers are VDD-terminated to 80 ohms as
default setup.

B. Experiment with clock pattern at 4.4 Gbps

The transmitter outputs clock pattern with 4.4 Gbps data
rate. Fig. 2 (a) and (b) show the waveforms at the last receiver
input with conventional fly-by topology and the proposed
topology, respectively, both having the default 10 loadings
and 80-ohm VDD-termination at the last 2 receivers. The
signal swing at the receiver input on the proposed topology is
twice and its arrival time is early by approximately 130 ps
compared to that on the conventional indicating that the
effective loading is smaller.

Fig. 2 (c) shows the waveform at the last receiver input
with conventional fly-by topology with 5 receivers. The
VDD-termination at the last receiver is 40-ohm, designed half
of the default, for analysis in the same DC swing condition.
The swing and arrival time of Fig. 2 (b) and (c) are similar
indicating that the effective number of loadings with the
proposed routing topology is 5, half of the actual number.

C. Experiment with data pattern at 3.6 Gbps

The transmitter outputs data pattern with 3.6 Gbps data
rate. Infinite non-repeating data pattern was assumed for 1E-
16 very low bit error rate (BER) simulation. Fig. 3 (a) and (b)
show eye diagram at the last receiver input with conventional
fly-by topology and the proposed topology, respectively, both
having the default 10 loadings and 80-ohm VDD-termination
at the last 2 receivers. Unlike the clock pattern result, the
proposed routing topology show similar or worse eye margin
compared to the conventional because it produces more
reflection noise. The low frequency components in the data
reflected at the receivers propagate to the receiver’s daisy-
chained by the trace on the other layer, and therefore the
accumulated reflection noise becomes larger due to the longer
stub length. Therefore, for broadband data transmission,
terminating the channel that reduces reflection becomes
important.

Conventional fly-by topology
with 10 loadings, 80-ohm termination

Advanced fly-by topology
with 10 loadings, 80-ohm termination
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Fig. 2. Waveforms at the last receiver input of (a) the conventional fly-
by and (b) the advanced fly-by with 10 loadings and 80-ohm
termination at the last two receivers, and (c) the conventional fly-by
with 5 loadings and 40-ohm termination at the last receiver.

Fig. 3 (c) shows eye diagram at the last receiver input with
the proposed topology having 10 loadings and 50-ohm VDD-
termination at the last 2 receivers. Despite the reduced DC
swing due to the stronger termination, eye margin is larger
because low frequency reflection noise is reduced by the
termination matched to the channel impedance and high
frequency signal arrived at the receiver is larger as the
effective loading is smaller. The conventional fly-by having
10 loadings and 50-ohm VDD-termination at the last 2
receivers showed the worst eye margin. This is because of
small DC swing due to stronger termination and large
reflection noise. The effective termination seen is 25-ohm as
the top and the bottom DRAM s are close to each other.

D. Experiment with data pattern at 2.4 Gbps

The transmitter outputs data pattern a 2.4 Gbps data rate.
Infinite non-repeating data pattern was assumed for 1E-16
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Fig. 3. 3.6 Gbps eye diagram at the last receiver input of (a) the
conventional fly-by and (b) the advanced fly-by with 10 loadings and
80-ohm termination at the last two receivers, and (c) the advanced fly-
by with 10 loadings and 50-ohm termination at the last two receivers.

very low BER simulation. Fig. 4 (a) and (b) show the
waveforms at the last receiver input with conventional fly-by
topology with 80-ohm VDD-termination at the last two
receivers and the proposed topology, with 50-ohm
respectively, both having 10 loadings. At 2.4 Gbps, the
proposed topology shows smaller eye margin compared to the
conventional even with the termination matched to the trace
impedance unlike at the result at 3.6 Gbps. At low data rates,
the high frequency signal loss due to the loading is less
significant. Therefore, the conventional fly-by topology
allows large DC margin and shorter stubs is preferred even
though the effective loading is large. The conventional fly-by
having 10 loadings and 50-ohm VDD-termination at the last 2
receivers showed the worst eye margin. This is because of
small DC swing and large reflection noise as explained in the
previous section.

Conventional fly-by topology
with 10 loadings, 80-ohm termination

00—
0 100 200 300 400 500 600 700 800 900
time, psec
(a)

_§ 14

3= i

<

3.5 1.2

2% B

S 2 10—

S g 4

v g

>0 08—

]
L

< &

]

573

> O =«
2 2

<2 02

= N

S

0.0 LI L L I L L L B L L LA

0 100 200 300 400 500 600 700 800 900
time, psec
(b)
Fig. 4. 2.4 Gbps eye diagram at the last receiver input of (a) the

conventional fly-by and (b) the advanced fly-by with 10 loadings and
50-ohm termination at the last two receivers.

III. CONCLUSION

In this paper, we addressed the limitation of conventional
fly-by routing topology and proposed advanced fly-by that can
double the number of receivers as compared to fly-by with
same data rate for Gbps speed DDRS5 interface or improve eye
with same higher loading conditions. We discussed signal
integrity of the proposed topology by comparing time domain
simulation results with clock and data patterns. The proposed
topology can improve signal integrity at high data rates by
reducing the effective loadings but only under the condition of
proper termination that gives good impedance matching to
transmission lines. In addition, at low data rates, the
conventional fly-by is preferred because the high frequency
signal loss due to the loading is less significant.
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Abstract— In high-speed SerDes channels, it becomes more
important to reduce impedance mismatches to minimize signal
return. Most of the mismatches are due to the differential via on
PCB which is essential component to make up the PCle Gen 5
system, and this mismatch should be reduced for the high-speed
signal quality. To effectively minimize the mismatch, this paper
presents an equation based TDR estimation model of the
differential via, and the model is verified to commercial model of
the coupled transmission line. And this paper also proposes a
method for optimizing the design parameters of the differential
via by applying a reward based on TDR impedance to PSO
algorithm. The optimization procedure is then applied to one of

the actual PCB designs to verify the optimized design parameters.

Keywords—PCle, Differential via, Signal integrity, Design
parameter optimization, Time-domain reflectometry (TDR),
Printed circuit board (PCB), Particle Swarm Optimization (PSO)

1. INTRODUCTION

For SerDes (Serializer/Deserializer), its data rate has been
going up with their generation, and especially PCle Gen5 have
to reach their speed up to NRZ (Non-Return Zero) 32 Gbps.
To achieve this speed, the interconnection channel is required
to guarantee their bandwidth at least fundamental frequency,
16 GHz, and even more up to 3™ 5% harmonics of the
fundamental. In this situation, when it comes to the return loss,
there is no other equalization techniques, so technical
approach to reduce the signal return has become more
important. And the most of the return loss is caused by the
impedance discontinuity at the differential via on PCB which
is essential component to make up the PCle Gen5 system. In
these days, discontinuity at the via is considered one of the
main factors for the low signal quality in high-speed, and
efforts to reduce this discontinuity are being continued [1-2].

In an effort to reduce discontinuity at differential via, some
optimization methods were studied in previous studies. In [3],
the optimization was performed through analysis of design
parameters of via such as stub resonance and anti-pad size
effect, and in [4-6], statistical techniques, Taguchi’s method
and analysis of variation were used respectively. These
approaches focused on reducing the simulation cases, since
they need 3D electromagnetic (EM) simulation based on 3D
modeling (e.g. HFSS). And it takes long time to get S-
parameter results for the complicate structure such as the case
of differential via which has many parameters to be designed.

This paper presents an equation based estimation of TDR
(Time Domain Reflectometry) characteristics for the
differential via to overcome this time-consuming problem. In
addition, since differential via has many parameters to be
tuned, making it difficult to calculate all results, the PSO
(Particle Swarm Optimization) algorithm is selected and a
reward model based on TDR impedance is suggested. And
then, the suggested procedure is applied to one of the actual
PCB designs to verify the effect of the optimized design
parameters by comparing its TDR, S-parameters and BER (Bit
Error Rate) contour at 1E-12.
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II. MODELING AND OPTIMIZATION OF DIFFERENTIAL VIA

A. Equation based TDR Modeling for the Differential Via

A single via structure has similar to the coaxial structure,
and the differential via can be considered as twin-rod.
Through the capacitance and inductance characteristics of
twin-rod, the impedance of the differential via Z,, and the
effective dielectric constant DK,y can be derived as defined in
[7]. But, like in [7], because it is not in common that the
horizontal length ¢ and the vertical length w of via have
different value each other, ¢ and w can be considered as the
same value equals to 2. In this condition, the equation about
Z,ia and DK can be simplified as follows:

J%ffx ln<25—r+ /(;7)2—1>x1n(w4—:”) (1)

Dk,;; = Dk XL ©)
eff avg 1n(W+b)

Zvia =

where s is via-to-via pitch, r is radius of via barrel equals to
the drill diameter and DKoy is (Dkxy, + Dk:)/2 [7] as shown in
Fig. 1(a). If the via pitch s is smaller than the anti-pad size W,
there exists overlapped anti-pad area between the via as shown
in Fig. 1(b). To consider this case, the horizontal length of
anti-pad, b, was divided into the following two cases:

w, S>W
b:{ +Z, s<w ®)
2 2
Dy
s S
. —
P op=w : b
(@ (®)

Fig. 1. Dimension of differential via on top view : (a) completely separated
anti-pad case, and (b) overlapped anti-pad case.

Also, in a symmetric transmission line case, the mixed-
mode S-parameters can be found in [8]:

Sdldl Sdldz Sdlcl Sdlcz Po Qo 0 0
Saza1  Sazaz Sazer Sazez| _|Q B 0 0 )
Scldl Scldz Sclcl Sclcz 0 0 Pe Qe
Sczdl Sc2d2 Schl SCZCZ 0 0 Qe Pe
(235(0)-28)sinhy oo
Peoy = =2 2 2) i (4a)
ZZOB(O)ZocoshyE(o)l+(ZOe(a)+ZO)smhye(o)l
_ 2Zy ( )Zo
Qeo) = e (4b)

2200(0) 2005V e(o)l+(22 50y + 28 )SinhY o(0)].



The propagation constant y is a complex number and it has
attenuation coefficient (o) and phase delay coefficient (). The
former is associated with signal loss, which is set to almost
zero in this paper, and the latter is associated with angular
velocity which is the same as the speed of light over square
root of the effective dielectric constant.

Zontarget

port1l

port2 h t=0
,,,,,,,,,, [ Zop,mrget |
Zoppaa Zonpad
[ | Zopvia Zonvia
Zo,,,p.mt Z, On,pout
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(b
Fig. 2. (a) Side view of differential via implemented in the multi-layer PCB.
(b) Four-port network connection for TDR estimation of the differential via.

In multi-layer PCB, the differential via has usually 8
design parameters such as center to center via pitch s, break-
in pad radius R4, break-in pad anti-pad size W4, via radius
R,ia, via anti-pad size W,,,, break-out pad radius Rpou, break-
out pad anti-pad size Wy, and stub anti-pad size W as
depicted in Fig. 2(a). If the signal is assumed to propagates
from top to fifth layer, the lower side of conductor could be
modeled as stub as shown lower side of Fig. 2(b). To get a
total characteristics of the differential via, each mixed mode
S-parameters was converted to standard S-parameters by using
M matrix in [8], and connected properly using cascading
formula in [9]. At the both end side of the via, the ideal
transmission lines were connected to include discontinuity at
t=0and = TD, and, in this paper, the delay and single-ended
target characteristic impedance were selected as 0.5 ns, and
42.5 Q respectively. By converting the connected standard S-
parameters to the mixed mode again, total via network for the
differential mode was simplified into two ports. Then the TDR
impedance can be easily derived from Inverse Fourier
Transform of Sys41, denoted as v,, and input source v; in time-
domain as follow:

Ur

Zrpr = Zog X

®)

Vs—Vp

where Zy 4 is the differential mode reference impedance and
100 Q is used in this paper.

B. Validation of the Coupled Transmission Line Model

The accuracy of the Z,;, and DK was well proven in [7]
based on ADS simulations. In this paper, because we did not
select ADS tool but the equation based model, only the
accuracy of the S-parameter for the coupled transmission line
was compared to that of ADS CLINP. The input parameters
of CLINP are as follows; odd mode impedance is 25 Q, length
1s 100 mm, odd mode dielectric coefficient is 6.15 and odd
mode attenuation coefficient is 0.0001 dB/mm. The
differential mode insertion loss and return loss from the
equation based model and ADS CLINP show good correlation
for the same parameters until 20 GHz as shown in Fig. 3.
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Fig. 3. Comparison in the mixed mode insertion loss Spp; (left), and return
loss Spip; (right) between the proposed equation based model with the
coupled transmission line model of ADS.

C. Hyper Parameters and Reward Modeling for PSO

PSO algorithm is a widely-used optimization algorithm
and it has iteration process [7]. For a given value of iteration,
each time the local best pbest and global best gbest are
calculated and updated through (6) and (7), and the final gbest
value gives the optimized values. In the process, hyper
parameters such as pop_size (particle size), Wpin, Wmar (inertia
factors), ¢; (self confidence) and ¢ (swarm confidence) are
needed. In this paper, the values were considered as 50, 1.0,
1.5, 0.2 and 0.6 respectively. Experimentally, most of pbest
and gbest were converged within 20 iterations.

clR(pbesti—slk) czR(gbesti—slk)

At At (6)

sk = gk + vitAe @)

vl[(+1 k

=in +

where

__ total epoch—current epoch

total epoch X (Wmax = Winin) + Wiin;

R is a random value, v and s indicate the velocity and the
location of each particle respectively.

TDR Z

peak-to-peak of TDR Z

</ N\

signal located out of the criteria

criteria of TDR Z

Z0 targéti

Time

Fig. 4. Reward parameters in TDR impedance waveform.

Fig. 4 shows the parameters for the reward in the TDR
impedance of a differential via. The reward consists of
positive reward and negative reward denoted as Rposiive and
Ryegarive respectively. The positive reward becomes larger than
1 if the TDR peak-to-peak smaller than impedance criteria
(gray colored area). To distinguish a case that absolute value
of TDR impedance is out of the criteria, the negative reward
was defined and given. Total reward is represented as follow:

Reward = Rpsitive — Rnegative (8)
where
R _ criteria of TDR Z
positive — peak—to—peak of TDRZ’
R __length of signal located out of the criteria
negative — ’

length of total signal



III. SIMULATION RESULTS

The differential via optimization was applied to one of
PCle Gen5 PCB design in which channel has two transition
points by via. Table I shows normalized values of each design
parameters of differential via comparing typical design
parameters with optimized design parameters. In Fig. 5(a), as
calculation of TDR using proposed method in the previous
section, the peak of impedance of before and after
optimization are 107 Q and 85 Q, and it could be confirm that
the level of those results were quite similar to that of via in
whole channel simulation from HFSS, as shown Fig. 5(b).

TABLE L. NORMALIZED DESIGN PARAMETERS
Paramers Description Citves s -

s Center to center via pitch 1.00 0.50
Rpaa Radius of break-in Pad 1.00 0.64
Wpaa Anti-pad size of break-in pad 1.00 0.61
Ryia Radius of via 1.00 1.13
Wia Anti-pad size of via 1.00 1.50
Rpour Radius of break-out pad 1.00 0.50
W out Anti-pad size of break-out pad 1.00 1.34
W Anti-pad size of via stub 1.00 1.50
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Fig. 5. TDR impedance comparison between the optimized via design PCB
with the original design : (a) differential mode for single-ended four-port
network of differntial via desctribed in Fig. 2(b), and (b) design parameter
applied and analyzed for whole channel with HFSS.
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(blue) PCB in S-parameter (a) insertion loss and (b) return loss. And BER
contour at 1E-12 of 32 Gbps speed simulation in (c) typical design, and (d)
via optimized design.
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Fig. 6(a) and (b) show the insertion loss and the return loss
of the typical and optimized differential via system, and in the
optimized case, those two parameters were improved from
2.66 dB to 1.43 dB, and from 8.4 dB to 10.5 dB at 16 GHz
respectively. Also, as depicted in Fig. 6(c) and (d), the eye
height and width of BER 1E-12 contour for 32 Gbps speed
without equalizer were improved from 11 mV to 81 mV and
from 4.38 ps to 12.19 ps, respectively.

IV. CONCLUSION

In high speed SerDes channels, it has become more
important to reduce signal return, and one of the main cause
of the signal return is the impedance mismatch of the
differential via on PCB. To minimize this mismatch, the
design parameters should be optimized, but the previous
studies used 3D EM modeling have had disadvantages to take
time to optimize complicate structure of via. In this paper, the
equation based TDR estimation model of the differential via
was suggested and the PSO algorithm based on the rewards
defined from the TDR impedance was selected to the
optimization method. Then the suggested method was applied
to the differential via on PCle Gen5 PCB and 8 design
parameters were optimized. As a result, the optimized results
showed good improvement in signal quality. In the future, the
measurement results will be confirmed by PCB fabrication.
Since it is important to consider the effects caused by not only
signal via but ground via, further research considering the
ground via effects is also planned to be conducted later.
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Abstract—Coupling in dense via pinfields is known as a major
contributor to crosstalk. In this work we present and verify a
novel wiring strategy for links with a symmetrical pinfield-to-
pinfield topology that reduces crosstalk significantly and requires
no extra shielding vias. By twisting the orientation of the p and
n wires of the differential stripline pair, a cancellation of the
crosstalk between the differential via pairs is achieved. It can
be implemented without any additional space requirements. The
proposed design is fabricated and the crosstalk is measured with
a vector network analyzer. It is shown that small changes in the
orientation of the wiring in the pinfield region can reduce far-end
crosstalk significantly.

Index Terms—Via, Crosstalk, Cancellation

I. INTRODUCTION

The data rates of high-speed signals are increasing further,
while, simultaneously, the density of the wired traces on a
printed circuit board (PCB) becomes larger as well. This
requires a lot of effort from designers to ensure adequate signal
integrity margins and reliable connections on PCBs. Crosstalk
is one of the main disturbances that impact signaling on a
PCB. It causes significant signal deteriorations and is one of
the major noise sources. Especially channels using PAM4 are
susceptible to noise [1].

Vias and via pinfields are major contributors to crosstalk. To
prevent high crosstalk, either the distance between aggressor
and victim needs to be large or a sufficient number of shielding
vias need to be added. Both solutions require additional space
on the PCB, hence reducing the IO density in the pinfield. If
this is not possible due to spacing constraints, changes to the
layout of the pinfield can make a large impact on the crosstalk
behavior. It has been shown in [2]-[5] that it is possible to
reduce or cancel out part of the crosstalk .

We propose a novel design of the wiring in the pinfield area
where far-end crosstalk (FEXT) can be reduced or canceled out
completely. In principle, differential via crosstalk can happen
in two polarities as illustrated in Fig. 1. Links that consist of
a symmetrical ball grid array (BGA-to-BGA) topology, where
the via coupling occurs twice along the line (as seen in Fig. 2),
can take advantage of this effect. It is based on the observation
that the orientation of the p and n wires of a differential pair
can change the sign of the coupled crosstalk pulse. Depending
on the coupling polarity and wiring distance between the
two BGAs, the FEXT pulses from both via fields can either
add up or cancel out each other. By carefully designing the
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Fig. 1. Two examples of via coupling with different polarities of the crosstalk
pulse. By shifting the order of the p and n wires, the FEXT pulses from both
via pairs can either add up or cancel out each other.
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/ Board
M
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Fig. 2. Example of a BGA-to-BGA link. Two chips are connected with via
BGAs and a PCB.

fanout and wiring length, it is possible to minimize the FEXT
contributions from vias with no additional space requirement.
Two test vehicles with two pinfield layouts were fabricated,
one without any cancellation effect and one with the crosstalk
cancellation effect. The S-parameters of both structures were
measured with a vector network analyzer (VNA). We show
that the cancellation structure leads to a significant reduction
of crosstalk.

II. FAR-END CROSSTALK CANCELLATION EFFECT

The effect of crosstalk cancellation is well-known and
widely used in e.g. twisted wires and conductors [6]. Efforts
exist to apply it on the PCB wires, for example, in [4]. Here,
we present its application on differential vias.

Unlike single-ended vias, the polarity of differential via cou-
pling can be manipulated by swapping the position of the
p and n vias and their associated wiring. This is usually
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Fig. 3. PCB test vehicle with two different implementations of the right
pinfield. The grey striplines are positioned in the top signal layer and used
to connect to the coaxial ports. The via pitch is 1.5mm and the distance
d between the pinfields is 30.46 mm. (a) Complete model. (b) Test vehicle
without cancellation effect (TV1). (c) Test vehicle with cancellation effect
(TV2). Only the striplines in the lowest layer are shown in (b) and (c).

disregarded in a link simulation since the crosstalk phase is
mostly considered random. However, certain link topology,
e.g. a BGA-to-BGA communication link shown in Fig. 2,
consists of two via coupling locations. In this type of setup,
it is possible to manipulate the polarities of the two coupling
instances to enable their cancellation.

As shown in Fig. 1, there are two possible fanout wiring
orientations associated with the differential via that results
in opposite coupling polarity. The cancellation effect is a
result of superposition of the two via crosstalk instances
with controlled timing. This can be achieved by twisting the
orientation of the p and n wires of a differential via pair with
attached striplines. The coupling between two differential pairs
is continuous along the entire length of the pairs and the total
FEXT at victim is the net results of all couplings along the
line. By twisting parts of the victim pair, i.e. escaping the
via in opposite direction, the polarity of the crosstalk pulse is
reversed. Ideally, if it happens at the same time, the crosstalk
cancels exactly and will not appear at the victim. This requires
the distance between the two via couplings of the victim and
aggressor lines to be identical. Furthermore, the attenuation
along the line will impact the cancellation.

An illustration of the effect is shown in Fig. 1. In both
structures the differential via pairs have the same orientation.
The striplines however are launched in opposite directions. At
t1 the coupling occurs between the two differential via pairs.
Since their orientation is the same the direction of the pulse is
identical for both structures. Assuming aggressor and victim
stripline are of equal length, the induced crosstalk pulse on

Striplipe (first sig. layer) Coax

Backdrilled Vi
. ia

e Stripline

(last sig. layer)

Fig. 4. Position of striplines in cross-section. The via diameter is 12mil. GND
planes and the other signal layers are not shown.

the aggressor line and the actual signal pulse on the victim
line arrive at the second via pairs at the same time ¢5. At ¢
the coupling of the second via pairs is added to the FEXT
that propagated from the first via pair. The direction of this
second coupling depends on the orientation of the p and n
wires. If the pulses have opposite directions it will lead to the
cancellation of the FEXT at the receiver.

III. LAYouUuT

To investigate the previously discussed cancellation effect,
two test structures were developed and fabricated on a PCB.
The fabricated structure uses a cross-section with 6 signal
layers. The cross-section is made of standard FR4 layers
and ultra low loss layers, where the signal traces are placed.
One complete structure is shown in Fig. 3. Each structure is
composed of two pinfields that are connected with differential
striplines. They are located in the lowest signal layer (see
Fig. 4). Each differential signal via inside the pinfield is
connected with another differential line segment on the top
signal layer. They lead to single-ended ports for measurements
(not shown in Fig. 3). Each structure includes one victim
and two far-end aggressors. The left pinfield of the model is
identical for both structures. The layout of the right pinfield is
different, in order to investigate the cancellation effect. These
two variations are shown in Fig. 3. In TV2 (see Fig. 3 (¢)) the
order of p and n for port 4 is swapped, which should lead to
a smaller FEXT in structure 2 compared to TV1. The FEXT
is measured for victim port 4 and aggressors 1 and 5.

IV. MEASUREMENT RESULTS

The two structures that were introduced previously were
fabricated on a PCB. The FEXT S-parameters were measured
up to 40GHz with a VNA. TV1 uses the routing shown in
Fig. 3 (b) without cancellation and TV2 uses the pinfield
with cancellation (Fig. 3 (c)). Since only 4-port measurement
equipment was available, the unused ports were terminated
with 5082 resistors to avoid reflections from unterminated
ports. A picture of the fabricated structure with attached
resistors is shown in Fig. 5.

Fig. 6 shows the differential FEXT for TV1 and TV2 with two
different aggressors, port 1 and 5. The victim in both cases is
port 4. For aggressor 1 in Fig. 6 (a), the crosstalk is indeed
considerably smaller for TV2. For aggressor 5, the crosstalk in
TV2 is smaller up to 25 GHz, at higher frequencies however,
it is higher than for TV1. This could be due to coupling in



Fig. 5. Fabricated PCB structure with test vehicle 1(TV1) on the left and test
vehicle 2 (TV2) on the right. 4 connectors are attached. The other ports are
terminated with 50 €2 resistors.

Sd4d5 [dB]
&S & A
o (=] (=]

4
=]

0 5 10 15 20 25 30 35 40
Freq. [GHz]
(a)

Sddd1 [dB]
5 b A b &
[=] (=] (=] o

@
=1

N

(=]
2
5 s

&
S

0 5 10 15 20 25 30 35 40
Freq. [GHz]

(b)

Fig. 6. S-parameters of aggressors 1 and 5 for both test vehicles. (a) Sq4q45-
(b) Sqad1-

the stripline area as well as second order effects. This is only
relevant if the Nyquist frequency of the data rate is in this
frequency region or higher.

The crosstalk can also be observed in time domain similar to
a TDR (time domain reflectometry) analysis. Fig. 7 shows
the step responses of the FEXT for an excitation with a
15 ps rise time. A waveform with this rise time would have a
bitrate of 13.33 Gbps if the bitrate is 20% of the unit interval.
As discussed in Sec. II, under ideal timing conditions the
contributions of the coupling inside the via arrays cancel
out and reduce the crosstalk to almost zero. TV1 shows a
significantly higher FEXT pulse for both aggressors, whereas
the crosstalk for TV2 is very small. The peak of Sg445 is at
18.99mV for TVI and 1.86mV for TV2, respectively. For
Sq4q1 the peaks are at 12.04 mV for TV1 and 1.12mV for
TV2, respectively.

It can also be observed that the crosstalk of TV2 is not driven
to zero. The remaining crosstalk is mainly due to stripline
coupling in the pin area, that is significantly lower in its
contribution to the total FEXT compared to via coupling.
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Fig. 7. Crosstalk pulses in time domain of Sg445 and Sg441 for both test
vehicles. The exciting step has a rise time of 15ps. (a) Step response of
aggressor 5. (b) Step response of aggressor 1.

V. CONCLUSION

We introduce a cancellation effect for differential FEXT
applicable to via crosstalk in a BGA-to-BGA configuration
and show that with no additional space requirement the
cancellation effect can be implemented into a PCB design.
The effectiveness of the cancellation scheme is validated with
measurements. In the future, the impact of the routing length
will be investigated.
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Abstract—Heterogeneous integration of voltage regulators in
power delivery networks is a growing trend that employs em-
bedded inductor as a key component in significantly improving
the power distribution. In this work, we propose a neural network
framework called the hierarchical invertible neural transport for
the inverse design of an embedded inductor. With this invertible
method, we obtain the probability distributions of the parameters
of the embedded inductor design space that most likely satisfy
the desired specifications. We also learn the impedance response
for free in the forward design. In the forward design, our results
show a 2.14% normalized mean square error when compared
with the output response of a fullwave EM simulator.

Index Terms—power delivery, inverse design, emdedded induc-
tor, neural networks, transport maps

I. INTRODUCTION

Early-stage prototyping in electronic design automation
(EDA) is often an herculean task due to a large amount
of variables that are explored in the design space. The de-
sign cycle is often plagued with iterating through series of
designs in an attempt to find the optimal parameters that
satisfy the target specifications. These sorts of evaluations are
usually compute- and time-intensive. Optimization methods
and surrogate modeling have been proposed to tackle this task
effectively [1]. However, the best solution may still not be
obtained, or several possibilities may be ignored.

In recent times, machine learning (ML) methods have been
employed to model the forward and inverse mappings for a
set of inputs and outputs. Consider a design space X of a
parameterized system, as illustrated in Fig. 1, that forms the
input of the ML model, with corresponding output response
Y. This mapping relationship can be represented as:

F:X =Y, (1

where F is the forward mapping. The forward model learns
the input-output relationship and predicts the output response
given the input parameters. To estimate the best set of input
parameters that satisfies the desired target, we find the inverse
mapping:

Fly - X (2)

Inverse problems are often ill-posed and intractable because
they fail the existence and uniqueness tests. Existence verifies
if the inverse exists, and uniqueness determines the ambiguity
brought by the one-to-many mapping in the inverse direction.
The problem of invertibility is not novel, and several methods
have been proposed to address it. In the domain of artificial
neural networks, state-of-the-art generative models such as the
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Fig. 1. Model-based invertible framework that offers a custom solution.

generative adversarial network (GAN) [2], variational auto-
encoder (VAE) [3], and invertible neural network (INN) [4]
address this issue by generating conditional posterior distri-
butions rather than point-estimates. In particular, the INN has
some merits which include efficient computation of forward
and inverse mappings, and direct modeling of its likelihood
function [4].

In this paper, we propose an inverse system modeling,
design and identification using hierarchical invertible neural
transport net for embedded inductor in integrated voltage
regulator. With inverse design, the design parameters can
be straightforwardly obtained from the output objectives. It
reduces design cycle time and related costs by increasing the
overall efficiency of the design process. We investigate both
the inverse mapping to learn the probability distributions that
satisfy a desired specification, and the forward mapping to
verify the solution.

II. HIERARCHICAL INVERTIBLE NEURAL TRANSPORT
NETWORK (HINT)

A. Theory of Transport Maps

The theory of transport maps is based on the concept
of constructing a coupling, i.e., a transport map, between a
complex target probability measure v and a simpler source
probability measure p [5]. We seek a transport map T'(z) such
that p is supported on X and v is supported on Y, i.e.,

T:X—-Y 3)

We can generate samples of v by pushing forward the p
through the map. In order to conserve mass, we require [5]:

w(T7HA) =v(A) VA CY. 4)



w(T~1(A)) is called the push forward of y through 7, denoted
Ty p. Therefore, a compact form for (4) is given as [5]:

&)

Choosing such a transport map involves minimizing the cost
¢ of moving a unit of mass from x to 7'(x). This leads to the
Monge formulation of optimal transport, given as [5]:

min{/x c(z, T(x)) du(w)‘T#,u = V}.

The solution to this constrained optimization problem is the
optimal transport map. To address this problem, we pose the
following questions: (1) Does the minimizer T* exist? (2) If
it exists, is it unique? (3) Is it feasible?

Typ =v.

(6)

B. The Recursive Coupling Block

HINT uses normalizing flow based on the change-of-
variables law of probabilities to model complex distributions
from a simple one. The normalizing flow pipeline T is a
composition of recursive coupling blocks f; that are invertible,
given as [6]:

)

where each pair fc;0 fg; in 7' is a composition of a triangular
map and an orthogonal transformation, respectively, where
the former is known as a Knothe-Rosenblatt rearrangement
in transport maps [5]. Fig. 2 shows one such composition of
a recursive affine coupling block and an orthogonal transfor-
mation. A parameterized flow model fo; = fci o fg: splits
the input vector z into [z1,x2] and transforms them by an
affine function with coefficients e® and ¢ with element-wise
operations as [4]:

T = fcio foro--- fen © fon,

xh = 9 0 e* @) 4 t(xy).

®)

It is easy to see that (8) is trivially invertible. This way, the
inverse flow composition is easily computed as

T™' = fonofon-ofgrofor- ©)

T in (7) is used to transport the data distribution px (z) to a
standard normal latent distribution pz = N(0, I), while 7!
in (9) can then be used to draw a sample z ~ pz in the latent
space to obtain px.

To infer the inverse solution, we can turn any z sampled
from the latent space into a corresponding = conditioned on
y as [6]:

/
Ty = X1,

px (zly) = pz(f(z,y)ly) - [V f(2)].

This invertible model has the benefits of efficient computation
of the conditional posterior probabilities because of the dense
Jacobian determinant V f using the recursive design, and a
simpler training objective where the parameters of the flow fy
can be learned from (10) via a maximum likelihood loss [6]:

1
L= S| ylo)lz —log|Vf(xl0)] .

(10)

(1)

1"

Fig. 2. A recursive affine coupling block. The inner functions fr perform
the same sequence of operations as the outer gray block, repeated until the
maximum hierarchy depth is reached [6].
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Fig. 3. Stack-up of the considered 2.5D integrated system [7].
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Fig. 4. Solenoid inductor [7]. (a) Top view. (b) Side view.

III. APPLICATION: INVERSE DESIGN OF EMBEDDED
INDUCTOR

For a demonstration of the proposed method, we apply
the HINT method for the inverse design of an embedded
solenoidal inductor. The inductor is made up of a Nickel-Zinc
(NiZn) ferrite magnetic core and it is integrated on the top
metal layer of a silicon-interposer-based 2.5D heterogeneously
integrated system as in Fig. 3 [7]. The output response of the
solenoidal inductor is the impedance Z = ESR+jwL, where L
is its inductance and and ESR is its equivalent series resistance.
The objective here is to (1) obtain the solenoidal inductor
design parameters that correspond to a given specification of
impedance response Z, and (2) validate the design parameters
through a forward evaluation.

A. Model Setup

The design parameters of the solenoidal inductor and their
range of values are shown in Fig. 4. The target characteristic
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Fig. 5. Proposed Hierarchical Invertible Neural Transport (HINT) model setup
for embedded inductor.

investigated is the impedance response Z with the frequency
being swept from 15 —98 MHz for 34 frequency points. Using
Latin Hypercube Sampling, we determine 949 samples and
extract their inductance and ESR with Ansys HFSS. We split
the data into train and test sets.

The objective here is to determine an invertible mapping
between the design space X and output response Y. The
proposed model setup is shown in Fig. 5. The HINT model is
constructed using 2 recursive coupling blocks with 3 recursion
levels. Each recursive block contains the scale s and shift ¢
networks which are constructed with fully connected neural
networks with one hidden layer of 256 neurons, Rectified
Linear Unit (ReLU) activation functions, and batch normal-
ization layers. On the input side of the model setup, there
are 8 inductor design parameters. The output variable is the
impedance response Z. The HINT model is trained for 500
epochs.

B. Results

During the inference process, we choose a random re-
SPONSE Yarger from the test set and we obtain the inverse
solution using (10). The HINT model generates rich condi-
tional posterior distributions of the embedded inductor de-
sign parameters as shown in Fig. 6. Next, we obtain an
inverse tuple from these distributions by sampling the points
with the highest densities in the embedded inductor design
space. The tuple obtained is {128.7 pm, 499 pm,109.8 pm,
145.2 pm, 303 pm,10.7 mil, 8.2 mil, 9}. We take this tuple
and perform a forward evaluation with the HINT model to
obtain the impedance response shown in Fig. 7. In the forward
design, we achieve a 2.14% normalized mean square error,
averaged over 10 inference runs.

IV. CONCLUSION

We present the HINT method for the inverse design of
embedded inductor for integrated voltage regulator. We applied
this method to obtain the probability distributions of the
inverse solutions that satisfy target specifications.
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Abstract—This paper proposes a novel framework for power
integrity verification of multicore systems, including voltage
stabilization provided by multiple integrated voltage regulators at
the core interfaces. The proposed framework adopts a two-stage
macromodeling strategy to derive a compact representation of the
full system dynamics as observed from each core. These dynamics
are parameterized by the time-varying duty cycle provided by
dedicated feedback controllers to each voltage regulator, here
implemented through an averaged model. We show that the
proposed simulation framework has the potential to outperform
direct transient analysis based on SPICE engines.

I. INTRODUCTION AND PROBLEM STATEMENT

This paper addresses system level power integrity verifi-
cation for multi-core microprocessors with integrated voltage
regulators providing per-core voltage domain granularity. Our
objective is to simulate an entire power delivery network
structured as a cascade of multiple stages between the main
supply and the compute domains inside the microprocessor [1].
In particular, we address the transient solution of the complete
power delivery, including voltage regulation effects provided
by Fully Integrated Voltage Regulators (FIVR) [2] as well as
the coupling from one core to another due to the shared input
network. The large-scale nature of this simulation problem,
both in terms of expected dynamic order and number of
ports/signals to be evaluated, combined with the nonlinear
FIVR circuitry and the associated feedback regulation loops,
make this problem particularly challenging. A brute-force
SPICE transient simulation based on suitable models for
all system parts is feasible only for small-scale low-core
platforms, but it does not have potential to scale to higher
complexities, as demanded by state of the art HPC or Al many-
COre processors.

The reference structure is schematically depicted in Fig. 1.
At the motherboard level, the output of an on-board Voltage
Regulator Module (VRM) is routed through the PCB power
planes and the power pins of the microprocessor package.
The entire board and package power distribution structures are
collectively denoted here as input network, which also includes
a linear model of the VRM and the contribution of all board
and package decoupling capacitors. The latter are usually
optimized to meet specific target impedance requirements [3],
[4], but once this optimization is performed they can be
considered as integral parts of the input network, which in turn
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Fig. 1. Schematic illustration of the power distribution system under investi-
gation, including N, cores whose voltage is regulated by Nj,-phase FIVRs.

can be collectively represented a large-scale distributed Linear
and Time-Invariant (LTT) multiport described by a transfer
matrix Hy(s).

Inside the chip, a second voltage regulation stage is im-
plemented through FIVRs, consisting of multi-phase switch-
ing power supplies (e.g., buck converters). Power transistors,
switching control circuits, and the output decoupling for these
FIVRs are fabricated on-die, while the inductors are placed
in the package. As a result, the FIVR output is a filtered and
regulated voltage that is distributed through the die power rails
to reach logic devices in their respective power domains. In
this work, the switching banks of all FIVRs are represented by
nonlinear and time-varying circuit blocks. The FIVR switches
are controlled through feedback loops that sense the output
voltage of each core and translate the tracking error with
respect to a reference voltage V¢ into the appropriate duty
cycle. This operation is attained through dedicated per-core
controllers, denoted as I in Fig. 1. The figure also shows
blocks denoted as output network which include a circuit
model of the PDN of each core, including integrated MIM
capacitors which provide the output decoupling, plus a de-
tailed electromagnetic model of the integrated inductors that
complete the topology of the FIVRs. This output network can
be represented as a LTI system with a transfer matrix H.(s).

In order to set notation, we consider a system with N,
identical cores, whereas the number of phases of each FIVR
is N,. As a result, the input network H(s) has N.N, + 1
ports, each core k is represented by a transfer function H j(s)
with IV, ports interfaced to the switches and NN, output ports



where the transient voltage is to be computed, so that the
overall output network H.(s) has a total of N.(N, + N,)
ports. The time-varying duty cycles of all cores are collected
in the vector d(t) € [0,1]Ne. The main objective of this work
is to compute efficiently the transient voltages vg’n(t) at all
n=20,...,N,—1ports of eachcore k =0, ..., N.—1, excited
by predefined current load signals 4, () acting concurrently.
All results in this work refer to a model of a 11™ Generation
Intel® Core™ microprocessor, for which N, = 4, N, = 4
and N, = 36. The specific models that are used in this work
include only partial output decoupling, as will be evident from
AC and transient results.

II. FORMULATION

The initial step in our problem setup is to properly character-
ize both the input network and the output network. Since these
are viewed as LTI subsystems, we follow the standard practice
of performing a set of full-wave electromagnetic analyses of
the distributed interconnects (board+package) and components
(e.g. the FIVR inductor banks), obtaining sampled scattering
responses at the ports of interest. These are combined with
any lumped terminations (e.g. decoupling capacitors), and the
resulting assembled scattering samples are processed by a
rational macromodeling engine based on Vector Fitting (VF)
with passivity enforcement [5], [6], so that both H,(s) and
H. ;(s) are available as a set of linear state-space equa-
tions and the associated synthesized SPICE realization. Such
macromodels enable a direct (reference) SPICE simulation of
the complete system, once complemented with circuit models
of the switches and the compensators. This will provide the
solution that we will use as reference, both in terms of
accuracy and runtime.

One of the key aspects of proposed formulation is the
adopted representation for the switches, here represented
through averaged models. For each core £ and phase j, the
corresponding set of FIVR switches is represented by an ideal
transformer with turn ratio 1:dg(t), where di(t) is the duty
cycle signal resulting from the compensator Ky, of core k. This
assumption has its own limitations but is known to be accurate
when the buck converters operate in Continuous Conduction
Mode (CCM). In particular, if each duty cycle signal dj(t)
is “frozen” and considered as a fixed parameter (e.g. by
disconnecting the controllers and opening the feedback loops),
the entire structure becomes a large-scale LTI system, which
can be fully characterized by the output impedance matrix
Z(s,d) relating the output voltages to the output excitation
currents through V°(s) = Z(s,d)I°(s).

Figure 2 depicts a sweep over frequency and duty cycle of
two representative output impedance elements. The particular
structure of such responses and their dependence on the duty
cycles d enable a second layer of model order reduction
through a second rational fitting stage, where common poles
p, are used to represent all impedance entries, and where the
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Fig. 2. Open-loop output impedance responses Z(kl,ll)(kz,ég)(jwvd)’ at
port £1 of core k1 while exciting port {2 of core k2, plotted over a sweep
of duty cycle values dg at fixed di = d2 = d3 = 0.1. The macromodel
responses (dashed lines) are compared to reference AC sweeps from HSPICE
(thin solid lines).

associate residues R, are parameterized

Z(s,d) =

v=1

R, (d)

. (1)
S —DPv

A closed-form parameterization of the residues is obtained by
a low-order polynomial interpolation. A state-space realization
of the impedance (1), including also the contribution of the
constant input Vyry, can be obtained as

{

where the dependence on the duty cycle is not affecting the
open-loop dynamics (matrix A collecting the poles p, is
constant) but only the input-state mappings B; ,.

The final step in proposed framework is to reintroduce the
closed loop control of the duty cycle signals. This is achieved
through the following system of ODEs

X(t) = Ax(t) + Bo(d(t)) io(t) + Bl (d(t)) VVRM
vo(t)= Cx(t)

W(t) = A w(t) + Bre(t)

d(t) = Cxw(t)+ Dge(t)

x(t) = Ax(t) + Bo(d)i?(t) + Bi(d)Vyrm

vO(t) = Cx(t) @

3)

where the dynamics of all compensators are represented as
a (vectorized) state-space system (subscript K). The vector
of error signals e(t) € RM feeding the compensators is
defined as e(t) = Nv°(t) — Ve, where N is a constant
selector matrix and V¢ collects the reference voltages. Note
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Fig. 3. Transient response of the regulated voltage UZ, ,(t) at core k = 0,
port £ = 0O induced by a sequential transient current step (10 A / 5 ns)
excitation per core. The proposed solver response (dashed line) is compared
to the reference HSPICE response (thin solid line).

that the explicit time-dependence of all signals is highlighted
in (3), so that it becomes evident that the system is not
represented as a standard LTI but rather as a nonlinear system
in Linear Parameter Varying (LPV) form with feedback. The
nonlinearity is however only algebraic (polynomial).

In order to integrate the above system of ODEs numerically,
we consider a uniform time step At with ¢, = nAt for
n=0,1,..., N;, and we initialize all system states at ¢y with
their DC solution (no output current excitation and all voltages
equal to the Vier). Denoting the approximation induced by
discretization as x,, ~ x(t¢,), we introduce an additional
relaxation assuming that d(¢) and e(t) are piecewise constant
in each sub-interval, that is d,, ~ d(t,) ~ d(t) for all ¢ €
[tn, tnt1], and similarly for e(¢). This approximation enables
the application of recursive convolutions to integrate equations
(3) from t,, to t,,41, where the ODEs are locally linear and the
PDN system is decoupled from K. Differently from standard
rational macromodel transient simulation approaches [5], the
coefficients of each recursive convolution are time-dependent
and updated at each time step. In a compact form, the proposed
discretized solution reads

I AAtg
Xn+1 =€ Xpn+

tn+1 R .
/ At [B"(d”)io(T) + Bi(dn)VVRM} dr
t'Vl
¥ = 0%,
tnt1
Wyl = €A'CAt\?Vn + / eA’C(t"H—T)BKén dr
123
d, = CxW, + Dicé,

III. NUMERICAL EXPERIMENTS

The scheme proposed here has proven effective for tran-
sient simulation of the power delivery network of a 4-core
microprocessor. In this real-world test case, we are able to
show that a prototypal, non-optimized and non-parallel Matlab
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implementation of this solver is already about 10x faster than
commercial circuit solvers like HSPICE, while still providing
accurate results for the purposes of power integrity verification.

Each of the four cores in the test case is a FIVR domain
with N, = 36 ports on the die side, totalling P = 144
output ports. The obtained reduced-order PDN model (1) has
dynamic order ¥ = 24 and is parameterized in terms of the
duty cycle d with polynomial degrees p, = 2 and p; = 1 for
the corresponding two terms in (2). The raw data used to build
this macromodel are the PDN Z-parameters sampled for 625
values of d arranged on a uniform grid in the parameter space,
resulting from parametrically-swept AC analyses performed in
HSPICE. The macromodel accuracy is demonstrated in Fig. 2.

The PDN system, initially at steady-state, is excited with a
10 A step per core with rise time 5 ns, uniformly distributed
among all ports of each core. The individual cores are activated
sequentially at {1,2,3,4} us, and a transient simulation is
performed up to 1" = 5 us with a fixed time step At = 0.1 ns.
In order to perform a fair comparison, the total number of time
steps is the same as in the reference HSPICE simulation. The
transient results at one representative output port of proposed
solver are reported in Fig. 3 where also the reference HSPICE
solution is depicted for comparison. The RMS error in the
output voltage with respect to the HSPICE transient simulation
is 3.9mV, corresponding to a relative 0.5% cumulative RMS
error. In terms of runtime, proposed solver completed the
transient analysis in 209 s whereas HSPICE required 1920 s,
with a corresponding speedup factor of about 9.6x.

IV. CONCLUSIONS

This paper provided a proof of concept of a macromodel-
based transient solver for full-system power integrity verifi-
cation, including core voltage stabilization through averaged
models of integrated regulators. The proposed approach has
been validated on a model of the power distribution network
of an Intel-based 4-core microprocessor, showing excellent
accuracy with respect to reference SPICE simulation and
confirming a good potential for a dramatic speedup. Future
developments will be dedicated to code optimization and
parallelization, as well as scalability to higher core counts.
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Abstract—This paper proposes a deep deterministic policy
gradient (DDPG) based method to optimize the power plane in
power delivery networks (PDNs). The proposed method considers
the degrees of freedom of a plane design in a layer, determining
the parameters for creating a power plane. The results show
that the proposed method can provide an optimized power plane
design even in a plane layer with a restricted region.

Index Terms—Deep deterministic policy gradient (DDPG),
Power plane, Power delivery network, Reinforcement learning
(RL)

I. INTRODUCTION

Due to the increase in operating frequencies and current
loads in current high-performance computing systems, a robust
power delivery network (PDN) design that provides a stable
power supply to ICs has become increasingly challenging. The
current PDN design for high-speed systems utilizes a pair of
power and ground planes. By securing a large power plane,
the plane capacitance and low DC resistance decrease the PDN
impedance below the target impedance in the frequency range
of interest, guaranteeing that the power supply noise is below
the threshold level. However, since an IC requires several
power rails with different voltage levels, designing multiple
power planes to meet each target impedance specification
is becoming a critical optimization problem because of the
limited area and space constraints, as shown in Fig. 1.

As machine learning has shown rapid development in the
field of signal and power integrity [1], various reinforcement
learning (RL)-based methods have been proposed for PDN
optimization problems [2], [3]. A Deep Q network-based
technique for designing the plane structure of a PDN is
proposed [4]. However, due to the nature of the value-based
RL method, the number of possible unit cells that can be
assigned as plane structures is limited, making it difficult to
design a plane with various shapes and areas.

In this paper, we propose a deep deterministic policy gradi-
ent (DDPG) RL-based method that applies a continuous action
space to determine the power plane creation parameters. The
size and shape of the plane can be modified with continuous
values at each step, thereby obtaining the PDN with the
power plane satisfying the target impedance. The proposed
method can provide the optimized power plane design with the
minimum area and desired shape for the given specifications,
even in a plane layer with a restricted region.

978-1-6654-5075-1/22/$31.00 ©2022 IEEE

IC footprint

Fig. 1: Layout of the multiple power planes with different
voltage levels

II. PROPOSED METHOD

The problem of power plane optimization in PDNs can be
expressed as a Markov decision process (MDP) consisting of
atuple (S, A, P, R), where S, A, P, and R represent a set of
states, set of actions, state transition probability, and reward,
respectively. Fig. 2 shows the details of the MDP defined in
this problem. A state, s;, which can define a power plane at
each time step, is a multi-dimensional vector given by:

St = [dlad27d37"'7dn} €S8 (1)

where d is the distance between each vertex of the power plane
and the center point at which the IC port is located. An action
a;, determined by the RL agent based on the current state, is
the increment of each distance d, given as:

a; = [Ady, Ada, Ads, ...,Ad,] € A 2

A reward r; is the feedback from the PDN environment
after the state transition by the action. In this optimization
problem, the reward is given only when the impedance profile
below the target impedance in the frequency range of interest
is achieved. Based on this MDP, our goal is to determine
a policy m(a¢|s;) that maximizes the expected cumulative
reward, thereby designing a power plane with a minimized
area while satisfying the target impedance. To achieve this
optimal policy, we use DDPG, an off-policy actor-critic RL
algorithm dealing with a continuous action space [5].
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Fig. 3: Overall framework of the optimization of the power
plane layout using the proposed DDPG based method

A. DDPG Algorithm

An overview of the DDPG framework applied to the
proposed method is shown in Fig. 3. At time step ¢, the
environment produces a state vector of the power plane and
sends it to the DDPG agent. The agent then chooses an action
for each distance of the plane based on its policy 7(a¢|s:).
After the actions are taken to the PDN, the environment
generates the next state vector s, and the reward based on
the defined function given as:

1
— —Var

rt:R*(A
t

(1)) 3)
where A; and R are the area of the power plane at step ¢
and the reward given when the target impedance is satisfied,
respectively. In (3), the subtracted variance term leads to the
exclusion of impractical power plane designs with heavily
jagged shapes from the optimization results. The tuple (s,
ag, T, St+1) generated in each step is stored in the experience
buffer.

The DDPG agent has two networks: the actor, p(s|60"), that
maps states to actions, and the critic, Q(s, a|#?), that outputs
a state-action value where 6* and 6 are their respective
network parameters. [5]. For stable training of the networks,
they each have a target network and are updated using a
random minibatch of N experience tuples sampled from the
buffer. Since the expected reward J needs to be maximized,
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the actor is updated using the policy gradient, given as:

1
V@“J - N Zz:; an(sa an)|s:si,a:u(si)V9“/1’(5|9#)‘s:si
4)

The critic is updated to minimize the TD error defined as:
1
L=+ Zi:(yz' — Q(si,a:16%))? 5)

where y; is the estimated return at the next time step obtained
by the target network.

B. Details of the proposed DDPG architecture

Fig. 4 shows the details of the proposed DDPG architecture.
A vector form of the state is fed to the actor and critic
networks as an input. The actor network has FC layers with the
ReLU activation function, where the last layer is the sigmoid
function that outputs continuous action values in the range of
[0, 1]. The critical network uses both action and state values
as inputs. The last hidden layers of the network for each input
are concatenated, and the last FC layer outputs the @) value
that evaluates the current state and action.

III. POWER PLANE OPTIMIZATION USING THE PROPOSED
DDPG BASED METHOD

We apply the proposed method to optimize the power plane
in PDNs. Fig. 5 shows the test PDN model. The power plane
to be optimized is in the second layer. The VRM and decaps
placed on the bottom layer and the target IC on the top layer
are connected to the plane with vias. The via for the power
supply and those connected to the two pre-assigned decaps
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are located close to the IC port. We simulate the PDN using
Ansys HFSS [6] to obtain the impedance profile at the target
IC port. The entire area where the power plane can be extended
is divided into eight equal parts centered on the IC port,
and the vertices of the polygon forming the power plane are
located on the boundary of each area. In the initial state, the
distance between each vertex and the center point is 10% of the
total length of each boundary line. This distance is increased
by 10%-20% depending on the action of each step, thereby
increasing the area of the power plane with an arbitrary shape.

Using the proposed method, we obtain the optimized power
plane design and its impedance profile at the target IC port, as
shown in Fig. 6. As the distance between each vertex and the
center point is increased in each step, the size and shape of
the power plane area are modified, thereby obtaining the final
power plane design (polygon formed with thick red lines) that
satisfies the target impedance in the frequency range of interest
(50MHz-1GHz). Fig. 8 shows the convergence property of the
proposed method. The reward successfully converges to the
maximum number as the DDPG agent is trained, indicating
that a minimized area of the power plane with a uniform shape
is achieved. We also optimize the test PDN, where there is a
plane-restricted region for vias or other purposes. As shown
in Fig.7, at the end of the training, the power plane design
with a minimized area that meets the target impedance can be
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achieved using the proposed method without relying on human
design experience.

IV. CONCLUSION

In this paper, we leverage the DDPG RL algorithm to opti-
mize the power plane in PDNs to satisfy the target impedance
with a minimized plane area. The implemented continuous
action space allows the design parameter values of the power
plane to be determined with continuous values, resulting in a
power plane design with the desired shape. The results show
that the proposed method achieves an optimized power plane
with a minimized area even in the case of a power plane layer
with a limited space.
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Abstract—Power delivery network (PDN) model development
is often simplified using superports or pin-groups for high pin
count devices. This approach significantly reduces model
complexity but can compromise accuracy in holistic time- and
frequency-domain analyses. In the context of the non-invasive
current estimation (NICE) technique for packaged, high-
performance integrated circuits (ICs), this paper describes the
limitations of using pin-group PDN models in distributed
impedance applications. DC error calibration factors are
calculated, and tuned AC error compensation networks are
proposed. These fundamental techniques for working with overly
simplified models in highly distributed power integrity
applications are derived and demonstrated through simulation
and measurement on exemplar hardware.

Keywords—Load Current Calculation, Power Delivery, PDN
Modeling, Distributed Network Compensation

I. INTRODUCTION

The measurement of load current profiles for high-power
electronic devices is problematic when traditional techniques
cannot be employed. The Non-Invasive Current Estimation
(NICE) methodology [1][2] was developed to enable indirect
current measurement in applications where series sense resistors
and inductive coil probes are prohibitive. Using voltage
measurements at the source V(t) and load V(t), in conjunction
with the admittance parameters Y(s) for the power-delivery
network (PDN), circuit currents can be calculated from two-port
network theory.

As previously reported and partially resolved [3], the
practical application of NICE has presented some challenges.
The accuracy of the voltage measurements and PDN model is
paramount when applying the technique. We demonstrated that
oscilloscope ground isolation is required to prevent undesirable
current paths in the instrumentation environment thereby
reducing voltage measurement errors. Despite this
improvement, overall correlation between the applied and
calculated load current continued to be unsatisfactory. Attention
was turned to the PDN model and the known limitations of two-
port network usage in distributed applications [4].

The simplicity of NICE is dependent upon the well-
established practice of grouping pins at the source and load
devices in PDN modeling [5]. For many designs, the resultant
two-port model is most often used to evaluate broadband PDN
impedance Z(f) against a target goal [6]. When employed in
NICE, the model simplification also reduces the matrix

978-1-6654-5075-1/22/$31.00 ©2022 IEEE
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mathematics. However, grouping pins in electromagnetic
simulator tools inherently assigns an equipotential boundary
condition to all device pins within the group. This grouping has
the unwanted effect of negating the distributed qualities of the
PDN R/L/C within the pin-field of a large ASIC or FPGA.

Modern high-power electronics have thousands of pins
distributed within a packaged area for placement on the surface
of printed circuit boards (PCB). The pin distribution may be
symmetrical in some cases, but the PDN impedance is often
asymmetrical when decoupling capacitors or PCB effects are
considered. The image in Fig. 1 (a) depicts a sample footprint
of a typical multi-stage voltage regulator (VR) and a large multi-
pin load device with a planar shape representing the PCB PDN.

The current calculated by NICE is highly dependent upon
the voltage measurement probe location within the load pin-
field, as evident in the plots of Fig. 1 (b). The selection of which
two pairs of pins to use in NICE can result in over- or under-
estimated steady-state (DC) current as well as load transition
errors in the form of over/undershoot (AC). The problem is
exacerbated by next-generation electronic devices with
increasingly larger packages and pin arrays.

(a) PCB (b) NICE predicted current
Multi-phase VR
12(t)_C
EEN 2L
7 Applied Ideal
«_ 208
- 12(t)_A
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5
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Time

Fig. 1 — NICE Current Prediction Errors 12(t) A, B, C Resulting From
Selected Voltage Probe Locations V2(t) A, B, C

In this paper, we address the impact of using grouped pins
for PDN network modeling as applied in NICE. An explanation
is provided for the specific AC and DC error terms that arise in
highly distributed pin-field designs. Solutions are suggested for
either mathematical correction or PDN network compensation,



which have been validated through simulations. Lab results are
presented from a device under test (DUT) consisting of a high-
performance VR and a high pin-count programmable load
attached to a PCB. Finally, we apply the corrections to the NICE
technique and demonstrate the improved current calculation
results in the test hardware.

II. STEADY STATE COMPENSATION

The deleterious effect of pin-grouping is best visualized in
voltage gradient plots from DCIR analyses. For the examples
presented in Fig. 2, a DC current load was applied to a multi-pin
device using individual sink elements on each voltage pin (a)
and using a single sink with the voltage pins grouped (b) — with
the same total current in each case. Unsurprisingly, the grouped
pin condition nullifies the distributed impedance and does not
accurately capture voltage gradient within the pin-field. This
underlying issue is also apparent in broadband two-port PDN
models necessary for NICE.
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Fig. 2 — Pin-field Voltage Gradient With Distributed And Grouped Sinks

The simplified PDN network shown in Fig. 3 (a) is used to
further illustrate the problem. In this sample circuit, nodes PA
and PB represent two pins of a multi-pin load device connected
to a VR through PDN impedances ZA and ZB, where ZA < ZB.
Transient simulation was performed with inter-pin impedance
ZAB included. While applying a time-aligned current step to
each TA and IB, voltages at V(PA) and V(PB) were recorded to
emulate the hardware test environment where voltage can be
measured at any discrete pin. Subsequently, a two-port PDN
model was extracted with one port at the VR site and the second
port grouping pins PA and PB at the load. This pin grouping has
the illustrated effect of nullifying ZAB.

(a) ZA (b)
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Fig. 3 — Simplified Example PDN Network Demonstrating the Effects of DC
Compensation on NICE Current Prediction
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With IA = IB = 100A step, a total load current of 200A is
expected. However, using NICE with the two-port network and
each voltage V(PA) or V(PB) at the load, the calculated current
is either over- or under-estimated, as depicted in Fig. 3(b).
Significant current errors can be observed even when voltage
deviations are small. This example demonstrates the spatial
significance of voltage gradient and the impact of negating inter-
pin impedance ZAB within a distributed pin-field.

The center region of a pin-field is typically where IR drop is
maximal due to the PDN impedance from the VR being higher
for inner pins. As demonstrated using V(PB) in the sample
circuit, measured voltage at this location will result in an over-
estimation of current using NICE. For this case, the addition of
series resistor Ry at the grouped load port, as depicted in Fig. 3
(c), will compensate for the distributed resistance nulled by the
pin-group. This approach effectively reconstructs the DC
voltage drop expected at the measurement location which is
otherwise ignored in the two-port PDN model. This is akin to
extending the model reference plane to the voltage probe
location. One way to calculate the compensation resistance is
through a calibration process of applying known DC load
currents and tuning Ry until the predicted steady state current
matches the known applied current.

An alternative to adding Rq in the NICE PDN model is to
linearly scale the measured V2(t) voltage using a correction
factor also calculated from a calibration process. This technique
does an equivalent job of accurately predicting the steady state
current; however as observed in Fig. 3(d), the distortion in the
corners of the predicted load current edges is worse when using
the voltage correction factor scaling approach.

III. AC COMPENSATION NETWORK

The addition of the DC compensation resistor adequately
corrects for steady-state errors in the NICE -calculations;
however, appreciable amounts of time-based distortion and
ripple are still present in the predicted current. Akin to the
previously described resistive gradient in the pin-fields,
distributed inductance and capacitance is also erroneously
nullified by grouping pins. Additionally, the spatial effects from
non-uniform decoupling capacitor placement are not accurately
captured by the two port PDN model.

Using the same simplified circuit described above, an AC
compensation network, Zcomp, was added to the load port, as
depicted in Fig. 4 (a). In this example, two complex shunt
impedances are added to null the remaining ringing current after
DC compensation. The exact Zcomp network architecture will
vary depending upon the PDN application, but these two
complex elements were suitable for the demonstration circuit.
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—z,,,, Current

5 6 7
Time (s) x10°

Fig. 4 — AC Compensation Network and Final Simulated NICE Results



With the addition of both the AC and DC compensation
elements to the two-port PDN network in the simplified circuit,
the current predicted by NICE matches the ideally applied 200A
step, as shown in Fig. 4 (b). The current specific to the Zcomp
network is also plotted (“Zcomp Current”) to illustrate the time-
aligned subtractive effect on the curve with only DC
compensation (“Rq Only”).

The Zcomp values can be obtained empirically through a
measurement calibration process with known step loads in
programmable test hardware (e.g. [7], [8]) and circuit element
optimization in simulation. Once the entire compensation
network is defined from a single step response and steady-state
calibration, any current load profile signature can be accurately
predicted by NICE including sinusoids, periodic pulses and
arbitrary or unpredictable activity typical in ASIC/FPGA
applications. The compensation network is a fixed error
correction for spatial current flow in grouped pin-fields, at a
single measurement location.

In applications where the PDN impedance from the VR to
the load is much greater than the inter-pin spatial impedance
within a pin-field, network compensation may be minor or
unnecessary altogether. However, sometimes the compensation
element values may be large or additional components are
necessary if the pin-to-pin spatial impedance has a dominant
influence on the PDN behavior.

IV. APPLICATION OF COMPENSATION IN MEASURED RESULTS

The same DUT described in [3] was employed to validate
the grouped pin compensation strategy. For this hardware, the
multi-pin load device was programmed to step from 100A to
200A as depicted by the “Applied Ideal” curve in Fig. 5 (b).
Using only the extracted two-port admittance parameters for the
PDN, the “Uncompensated NICE” curve contains both steady
state and distortion errors. After applying the compensation
network of Fig. 5 (a), the NICE calculation matched the
programmed step very well.
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Fig. 5 — Test Hardware Compensation and Final Measured NICE Results

In this well-designed test hardware, the PDN impedance was
intentionally reduced by the vendor to be << 100 pQ from VR
to load, a value not conventionally attainable in practical
compute applications. Furthermore, there was an unusually
large quantity of decoupling capacitors on the test PCB spread
throughout the pin array. Given those two unique conditions,
the addition of a bypass subcircuit illustrated in Fig. 5 (a) was
also necessary to compensate for the AC and DC voltage
gradient ignored by the grouped pins in the two-port model.

Although not emphasized in the waveform plots, the
predicted 10-90% current rise- and fall-times match the applied
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currents very well even without the AC compensation. The
quality of the distributed capacitors embedded in the extracted
PDN model dominate the di/dt behavior during the initial current
transition.

V. SUMMARY

Packaged high-performance ICs are growing in footprint
size and the input power pin count is increasing to accommodate
high current operation. As the PCB pin-field expands, the
spatial effects on PDN R/L/C cannot be ignored when utilizing
NICE to predict load current. Grouping pins in two-port PDN
network extraction obfuscates the distributed inter-pin current
flow paths, in turn requiring network compensation.

This paper specifically concentrated on multi-pin
ASIC/FPGA load devices and suitable compensation strategies
for mostly symmetric BGA pin-fields. However, it should be
noted that the same strategies can be used at the VR side of the
PDN network if a multi-phase or a highly distributed regulator
design is used.

Through experimentation with discrete example circuits, it
became clear that the compensation designs will be application
specific. Therefore, the exact topology of R/L/C elements
required to appropriately account for the pin-field impedance
distribution will likely differ depending upon PDN design
features. The approach described herein provides a general
roadmap for correcting errors when applying NICE using two-
port networks to devices with large spatial impedance
distribution.
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Abstract—In this paper, analytical expressions are developed
for estimating random jitter (RJ) in the presence of stochastic
power supply noise for CMOS inverter circuits. The proposed
approach employs probability density function of the propagation
delay associated with a CMOS inverter in the presence of supply
variations with normal distribution. The closed-form relations
are further advanced to include the effects of load. The proposed
model demonstrates a reasonably accurate prediction of RJ and
yields significant speed-up compared to using a circuit simulator
(HSPICE) for a case study with 22nm CMOS technology.

Index Terms—CMOS inverter, probability density functions
(pdfs), power integrity, random jitter (RJ), root mean sqaure
(RMS).

I. INTRODUCTION

Modern low-power consumption technologies operating at
higher frequencies require quality power supply modules in
order to power billions of devices contained in them. Even-
though the process technology continues to improve while
the package design remains relatively unchanged, the desired
quality and performance of these power distributing modules
can be greatly affected due to reduced noise margins. Hence,
designing to ensure power integrity becomes increasingly
challenging [1]-[3] in modern electrical products.

Sensitivity of a circuit to the supply noise is an important
contributor to the timing jitter [4] and becomes very critical
to meet the timing budget of digital signals. Jitter can be
classified into two groups: deterministic jitter (DJ) and random
jitter (RJ). DJ is bounded and mainly correlates with the data
pattern. On the other hand, RJ is unbounded and unpredictable.
It is generally represented by a standard deviation, or root
mean square (RMS) value of a normal distribution. RJ is
often caused due to imperfection in semiconductor processing
and thermal issues. Estimating the amount of jitter associated
with digital signals is essential to predict the overall system
performance.

For a reasonable jitter estimation, conventional approach
requires simulation of large number of bits that can make
the process prohibitively CPU expensive. To address the
associated computational burden, several models for random
jitter have been extensively researched [5]-[19]. Tail fitting
algorithm based on normal distribution for random and de-
terministic jitter measurements was discussed in [5]. In [6],
random jitter extraction techniques in high-speed signaling
were investigated. Correlation between DJ and RJ using BER
curve was addressed in [7]. Improved tail-fitting techniques
can be found in [8]. [9] and [10] address delay-line based
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techniques combined with cdfs to estimate the RMS value
of the random jitter for BIST applications. Other statistical
approaches using white and colored random jitter spectrums
modeled in StatEye and LinkLab engines can be found in
[11] and [12], respectively. In [13] and [14], the Gaussian
mixture models are proposed for jitter decomposition. Fre-
quency domain methods where RJ is modeled as an average
noise of power spectral density are discussed in [15] and
[16]. [17] addresses FFT based technique combined with
time-lag-correlation to estimate different jitter components.
Neural network approach to obtain RJ using jitter histogram
is investegated in [18] and [19].

This paper presents development of closed-form expressions
for predicting RMS value of the random jitter in the presence
of stochastic power supply for CMOS inverter circuits. In the
proposed work, probability density functions are considered
for both, normally distributed power supply as well as the
propagation delay [20], to derive an efficient closed-form
analytical model for random jitter. The closed-form model
is further advanced to include the effects of load. Results
from a case study of inverters based on 22 nm CMOS PTM
technology demonstrate that the proposed model predicts the
RJ reasonably well while providing computational speed up.

II. DEVELOPMENT OF THE PROPOSED ANALYTICAL BASED
MODEL FOR RANDOM JITTER ANALYSIS

In the recent years, computationally efficient analytical
models are commonly used in signal and power integrity
analysis to mimic a specific system. On the other hand, con-
ventional methods require large number of bits for simulating
low probability events, such as random jitter, that can make
the process prohibitively CPU expensive. Development of the
proposed analytical model that yields good speed-up compared
to conventional approaches is presented in the following.

A. Proposed Method

In this section, a closed-form expression for predicting RMS
value of the random jitter is developed. For this purpose, a
general CMOS inverter is considered with n-channel (M,,)
and p-channel ()),) transistors connected to a load capacitor
(CL), a pulse-train input (V;,,) and a voltage supply (v4q) as
can be seen in Fig. 1.

The probability distribution of the propagation time delay
[20] at the output of the inverter can be obtained as

7(v) = v (v — vth)_(Ha) (1)



Symmetric Input
Qavdd 4.| [iMp
>
D
| |
—' [:Mn —_——
IU’Udd ‘/Ln(f)

Fig. 1: CMOS inverter with a stochastic power supply noise

where v represents the random variations in the power supply,
v, 18 the threshold voltage and « represents the velocity
saturation index [21]. Also, the pdfs of both, the supply voltage
and the propagation time delay developed in [20] can be

represented as
2
< ) ] 6)

dv
f‘r(v) = _fvdd(v)E (3)

where o,,, and p,,, are the RMS (standard deviation) and
nominal (mean) voltages associated with the input power
supply, respectively. It is be noted in (2) that the power supply
is normally distributed around the nominal voltage while the
time-delay distribution (3) at the output of a CMOS inverter
is skewed, as illustrated in Fig. 1.

Next, using (2) and (3), the standard deviation (o,) of the
propagation delay distribution can be extracted (which also
represents the RMS value of random jitter) as

1

2

U = fygg

Ovgq

1
) V) = —€X
f1 dd( ) \/%O'Udd p [

d
Rl=0,=0,,T d—UT(v) )

V=VH
In (4), a technology-based constant I' [22] is introduced to
properly adjust the units, given as

(&)

where v..; and i,y are the voltage and drain current when
vGs = Ups, respectively.

Let the subscript vz in (4) be defined as the voltage of
interest at which the derivatives of (1) are evaluated. The
voltage (vg ) represents the supply voltage associated with the
propagation delay of a CMOS inverter and is dependent on the
load capacitor (C). In the next section, new relations in the
presence of load capacitor are developed to obtain the vy (the
voltage of interest), which is used while obtaining an accurate
estimation of random jitter.

1 N
I'= Z(l =+ a)OL(Uref - Uth)a(l’r-ef) !

B. Proposed Method for Obtaining vy for RJ Analysis includ-
ing Effects of Load

In this section, proposed analytical model for obtaining vy
is developed including the effects of load. It is important to

23

consider an appropriate modeling method that relates CMOS
inverter parameters with the time delay distribution as well
as the effect of the load capacitor. For this purpose, pdf of
propagation time delay (3) is used to investigate the behaviour
of permutation; nf. (where n = 1,2 and 3). The correspond-
ing graphs for each n are shown in Fig. 2. The nf, response
shows that as n increases, the corresponding voltage difference
(vr,,vr, OF V) between the adjacent responses evaluated at
the maximum of the noise distribution ( fé“;g‘) decreases and
follows the inverse power law (IPL) model [23].

Using a similar IPL model as described in [24], an expres-
sion for vy can be developed as

a

(14 a)b
where a and b are the unknown parameters. Also, parameter x
is defined as x = ¢ — 1 where c is a ratio of load to reference
capacitance (Cf,/Crey). In the subsequent discussions, Cye
is set to equal to 1 and with the same units as C, such that
Cr,/Crey is unitless.

Next, closed-form expressions for parameters a and b are
derived using voltage differences (v,, and v,,) between two
adjacent responses of nf, (when n = 1 and 2) (Fig. 2). Also,
Taylor series method [25] is used to expand (6) and to obtain
derivative terms associated with (4). Hence, comparing both
the series along with v,, and v,,, coefficients a and b can be
obtained as

(6)
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In the experiments conducted, for reasonable accurate match-
ing of the output jitter, low order Taylor series expansion is
found to be sufficient (such as order 2).

Proposed analytical model for vy (6) directly relates the
input power supply with the load capacitor and is used while
obtaining the corresponding derivatives of the propagation
delay of a CMOS inverter which are required while estimating
the random jitter. Using (4) along with (6), eliminates the
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v

Fig. 2: PDFs of nf; evaluated at the maximum of f,,, for
n=1,2 and 3 (with a = 1.5 and vy, = 286 mV).



need for direct time-domain or frequency-domain simulations.
It only requires one DC simulation in order to obtain the
technology-based coefficient (5) which leads to significant
speed-up.

III. RESULTS AND DISCUSSION

In this section, the proposed methodology to evaluate RJ is
validated. For this purpose, CMOS circuits operating at 125
MHz (with a rising edge of 0.4 ns) and Level-54 device pa-
rameters for 22 nm PTM technology [26] are used to simulate
n-channel and p-channel devices. Also, RJ is evaluated at the
midpoint of the rising edge for 1 million bits.

In this example, a normally distributed power supply (v4q)
of a CMOS inverter having 10 fF load capacitor with a nominal
voltage (fi,,,) of 1.2 V is considered. The input RMS voltage
is varied from O to 100 mV with a uniform step size of 10
mV and corresponding results for random jitter are compared
against the conventional approach using a circuit simulator
(HSPICE).
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Fig. 3: Comparison of RJ response using proposed model
versus the conventional approach (using HSPICE)

Corresponding plots of random jitter for each of the ap-
proaches are shown in Fig. 3. Also, CPU times for evaluation
of RJ outputs using the proposed (4) and the conventional
approaches at 10 equally spaced points from 0 V to 0.1 V are
measured to be 0.005167 sec and 260 sec, respectively.

It can be seen from the above results that the proposed
approach matches reasonably well with the conventional ap-
proach while achieving a speed up of 50319 compared to the
conventional approach. The discrepancy between HSPICE and
the proposed model can be further reduced by updating the
parameters in (6) using high order Taylor series terms along
with increasing the number of permutations of n.f.

IV. CONCLUSION

In this paper, an efficient closed-form model is developed
to estimate the RMS value of the random jitter for a CMOS
inverter. Proposed approach relates stochastic supply noise
with propagation time delay via probability density functions
to provide closed-form analytical relations for RJ analysis.
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The RJ model is also advanced to include the effect of load.
Validating example demonstrates the reasonable accuracy and
efficiency achieved using the proposed method.
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Abstract—As the operation of server system is accelerated,
the importance of signal integrity (SI) and power integrity (PI)
measurement methodology and modeling of dual in line memory
module (DIMM) products is increasing. In this paper, we
introduce the advanced methodology for on-chip SI/PI
measurement and DRAM signal recovery with the DDRS
probing package development. Comparing with the
conventional interposer, a new method of probing package has
proved to be advantageous for high-speed signal measurement
and signal recovery, and it can also be used as a useful tool for
DRAM on-chip SI measurement and signal prediction in post
DDRS speed (beyond 6.4 Gbps).

Keywords—DDRS, SI, PIl, Interposer, Probing package,
Measurement

I. INTRODUCTION

Data centers and server systems are applying DDRS5 as the
main memory for high-speed and large-capacity data
processing, including autonomous driving and meta-verse
following 5G communication and artificial intelligence. For
insuring a stable operation performance of server system,
DRAM operation characteristics need to be predicted based
on the accurate modeling from the beginning of DRAM
development, and SI/PI measurement of DRAM on-chip is
important as a base technology for this purpose.

In this paper, we present the advanced method for
recovering and predicting on-chip signals of DDRS by
correlating SI/PI measurement and simulation using the on-
chip measurement technology through the top side of a
commercial DRAM package.

II. PROPOAL OF THE DDRS PROBING PACKAGE

In general, SI of lower speed DRAM could be measured
using the interposer PCB, however, a new method of
minimizing the SI measurement loss has been required for
higher speed over 3.2 Gbps (shortest distance from the DRAM
pad). Fig. 1 is the concept of probing package, which forms
probing pads in the empty space outside a silicon chip in a
commercial DRAM and penetrates epoxy mold compound
(EMC) of the package with laser drill applying the through
mold via (TMV) technique to measure signals through the
holes from the package top [1-3]. This idea is creative in that
TMV which used for connecting packages vertically at first,
however, used for observing signals on the package.

Fig. 2 shows the probing package structure and
specification applied to DDRS5. A total of 15 probing pads
were placed on the package edge without changing the
existing commercial package size. It is a structure capable of
measuring DQ, CA, and differential signals DQS, CK, and
VDD/VDDQ/VPP. The diameter of the probing hole is 0.6
mm, the width between the holes is 0.83 to 1.0 mm, and the
depth of the hole is 0.37 mm.
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Fig. 2. Structure and specification of DDRS probing package
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When attaching the probing package to a registered dual
in-line memory module (RDIMM) we tested, DQ and power
have no restrictions in probing point of view, however, CA
and CK are more vulnerable to operation error due to signal
distortion caused by overlapping of additional traces
embedded in the probing package with multiple
implementation on the DIMM because they have daisy chain
net topologies defined by JEDEC [4] as shown in Fig 3.

To verify the effect of SI degradation of CA and CK, we
compared three cases by the number of the probing packages
on DIMM with simulation. Fig. 4 is the result of transient
simulations of CA and CK pair probed at the last (5th) DRAM
pad according to how many probing packages are attached in
the daisy chain topology. First, when a single probing package
attached to the last (5th) DRAM only, CA eye height (EH) and
eye width (EW) are reduced by 12% and 3% respectively
compared with the normal package (without the probing
package). On the contrary, they are reduced 48% and 15%
respectively by replacing all normal packages with probing
packages.

In particular, CK signals have attenuated more severely,
making them difficult to work properly. To see the SI
reduction of CK quantitatively, we performed AC gain
simulation for the same three cases. As shown in Fig 5, AC
gain of CK t has fallen by 13% for one probing package, and
81% for all probing packages compared with normal package
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at 2.4 GHz which is the fundamental frequency of 4.8 Gbps
CK operation.

To overcome the CA and CK SI limitation by the DIMM
topologies, the probing package was developed with two types:
Type-A and B. Type-A is targeting to measure at the single
specific location for all probing signals; DQ, DQS pair, CA,
CK pair and Type-B is specialized to measure DQ and DQS
pair without restriction of location. Power measurement is
common feature for both types as shown in Fig. 6.

III. MEASUREMENT AND SIMULATION

For measurement of DQ SI using the probing package, the
automated test equipment (ATE) environment was equipped
as following: ATE, test board, 2Rank x4 RDIMM with
probing package, oscilloscope and probe. Fig. 7 is the picture
of probing through the DDRS probing package in 2Rx4
RDIMM on the ATE (T5511) test board.

DRAM was applied with I/O input vector of pseudo
random bit sequence (PRBS) which is 127-bit (27-1) long for
write operation at speed of 4.8 Gbps and 5.6 Gbps. Current
registering clock driver (RCD) implemented on RDIMM
supports 5.6 Gbps in maximum. That’s why we captured real
measurement eye diagram up to 5.6 Gbps.

Fig. 8(a) is a channel structure, measurement, and
simulation waveforms for 1-byte DQ Write operation of the
DDRS5 2Rank x4 RDIMM in an ATE environment. The
simulation models conducted with Hspice are the scattering
parameters (S-parameters) extracted from the design files for
each block and the operating speed is 4.8, 5.6 Gbps. As a
result of comparing EH and EW based on DQ measurement
waveforms, the measurement and simulation consistency of
probing package is 90% EH and 102-115% EW in Fig. 8(b).
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Fig. 7. Measurement through DDRS probing package in ATE system
(T5511)
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Fig. 8. Measurement and simulation of DQ SI with the probing package
(Type-B) (a) Simulation block diagram (b) Comparison of measurement
and simulation

IV. DRAM SI RECOVERY FROM PROBING SIGNAL USING
THREE PORT DE-EMBEDDING

We describe a conventional method of utilizing the 3 port
de-embedding process with interposer [5]. By restoring the
original DRAM pad signals, it is shown to be effective to use
a probing package rather than the interposer in terms of the
accuracy of data recovery. In Fig. 9, the transfer function
between the input and the interposer measurement signal is
defined as the transfer function A (a), and the relationship
between the input without the interposer and the output to be
restored is defined as the transfer function B (b). Two transfer
functions can be combined to restore DRAM internal signals
from the measurement signal Vrobe in equation (1) to (3).

Tnterposer

I
12 n

V.,

Source Voltage

Viouree Vde-embedding

De-embedding Voltage
b. 11

© b
Transfer FunctionB =| .
by ban

source
Source Voltage
Virobe Probe Voltage
ay

Transfer FunctionA=|
-

@ (b)

Fig. 9. Definition of transfer function (a) With interposer PCB (b) Without
interposer PCB

Vprobe = Alsource (D
Vsource = A_lvprobe (@)
Vde—embedding = BVsource = BA_lerobe (3)

Since the probing package is a tool developed for on-chip
SI/PI measurement accuracy, we verified the relative
improvement of measurement effectiveness by comparing it
with the existing method of using an interposer PCB. Fig. 10
shows the distance between the measurement point (A), the
DIMM connection point (B), and the DRAM pad (C)
compared to the interposer PCB. The measurement and
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Fig. 12. Comparison of on-chip SI recovery ratio by probing methods

connection distance of the probing package was designed to
be 14% and 29% shorter than those of the interposer PCB.

The SI degradation at the measurement point due to the
measurement and connection distance is evident as the
operating speed increases. In Fig 11, it was confirmed by
simulation that eye measurement was not possible with an
interposer at 8.8 Gbps, while DQ eye measurement was still
possible with the shorter length of the probing package.

Fig. 12 shows simulation results of the signal recovery rate
for each measurement tool up to 8.8 Gbps by applying the 3-

port de-embedding method. The signal recovery error rate of

the interposer is around 10%, while that of the probing
package is less than 5%. That is, the probing package is a
measurement method capable of more accurate DRAM signal
recovery than the existing method of using interposer through
the shorter on-chip measurement distance.

V. SI/PI ANALYSIS USING PROBING PACKAGE

In DDR5 DRAM, usage of on die termination (ODT)
scheme has extended to CA and CK. Therefore, CA and CK
termination resistors on DIMM edge, which were
conventional probing positions until DDR4, have not been
remained any more in DDRS. Using probing package, on-chip
SI measurement of CA and CK is possible. Fig. 13 shows the
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measurement and simulation waveforms of CA10 and CK pair
using Type A, showing consistency of about 90%.

Fig. 14 shows the result of measuring IDDS5 PI noise by
DRAM location. When comparing VDD noise of probing
packages with decoupling capacitor, we see there is a
difference in slope and size of VDD drop, which means that
on-chip power can be more accurately measured with probing
package.

VI. CONCLUSION

In this paper, we developed the probing package as DDRS
SI/PI signal measurement solution and introduced cases of
using it for product analysis. With shorter measurement
distance compared to the existing method of using interposer
PCB, the DRAM signal recovery error was reduced to less
than 5% in the operation of 4.8 Gbps or higher, and
DQ/CA/CK/PI measurement and simulation consistency has
also been verified. Using the probing package, post DDRS5
speed can be tested with less measurement error than the
conventional probing method. Another benefit of probing
package is that double sided DIMM product can be probed.
Before development of probing package, only single sided
memory module products can be probed through backside of
DIMM PCB without implementation of DRAM or using
interposer was the only possible way for probing DRAM
signals. Probing package is the advanced SI/PI probing
solution applied to high speed beyond DDRS5 (above 6.4
Gbps).
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Abstract—In printed circuit boards, vias are needed when
signals make layer transitions. Typically, via transitions are
defined through padstacks. These padstacks provide geometrical
manufacturing characteristics of the transitions such as via drill
size, pad size, antipad size and thermal tolerance. Differential via
design consists of padstack definition and relative positioning to
other padstacks such as signal and reference as well as entry and
exit trace parameters. At high speeds, vias cause reflections if they
are not well designed. When stack-ups have a lot of signal layers,
optimizing via padstack for each signal transition is going to be
cumbersome. Using a padstack optimized for one signal transition
on other transitions may degrade signal performance. In this
work, a simultaneous codimensional optimization to differential
via padstack designs is proposed to optimize a single padstack
definition so that it can handle multiple entry/exit layer
transitions.

Keywords—differential, via, printed circuit board, optimization,
codimensional, padstack

INTRODUCTION

As the signal speeds continue to increase, any small
imperfection in the channel can have adverse impact on the
signal quality. All high-speed printed circuit boards (PCBs) have
via transitions in them. Vias are needed to help signals make
transition from one layer to another. A well optimized via for
impedance and crosstalk will result in good signal integrity (SI).
Most midplanes, backplanes and channel cards can have many
signal layers in them as shown in Figure 1a. Optimizing a signal
via for each layer transition will be time consuming and
cumbersome. Vias are typically defined through padstacks.
These padstacks provide geometrical manufacturing
characteristics of the transitions such as via drill size, pad size,
antipad size and thermal tolerance. Differential via design
consists of padstack definition and relative positioning to other
padstacks such as signal and reference as well as entry and exit
trace parameters. Optimal via dimensions for one signal
transition might result in sub-optimal results for another signal
transition.

Typically, a differential via can be optimized by tuning
parameters such as via drill size, antipad size, reference via
spacing and via pitch as shown in Figure 1b. The optimization
is typically done for one signal transition at a time. In this paper,
the codimensionality aspect of vias is taken into account to come
up with one padstack that is optimized for multiple signal layer
transitions.

978-1-6654-5075-1/22/$31.00 ©2022 IEEE

28

Bhyrav Mutnury
Infrastructure Solutions Group
Dell EMC
Round Rock, TX
bhyrav.mutnury@dell.com
] = L101  COMMON ANTIPAD
L103
REFERENCE
L105 SPACING
L107 LE‘G‘EE —*}+—DRILL
"1 \apimeH
N
L1110 anmipaD— %) —
L112 PAD
L114
(a) (b)

Figure 1. 16 Layer via PCB & Parameters

Previous work in via optimization include [1] using a
domain decomposition approach, [2] focusing on return via
location and mode conversion reduction, [3] investigating via
impedance matching, and [4] and [5] where a large number of
combinations using a full-factorial search of the via parameters.
While the optimization is successful in these studies, the
limitation is that the optimizations are done for one signal
transition at a time. This works focuses on optimizing the
padstack which might be used in a plurality of via layer
transitions.

This paper is organized as below: Section II discusses single,
multi, and codimensional optimization. Section III shows the
results from individual and codimensional optimization and
Section IV concludes the paper.

OPTIMIZATION

Optimization Objective: Single, Multi, Codimensional

In order to optimize a problem, a figure of merit (FOM)
needs to be defined so that outcomes can be compared and
improvement quantified. Examples of FOM include single
objective (e.g. differential return loss), multi objective (e.g.
differential insertion loss, differential return loss and differential
crosstalk). With a codimensional objective the FOM is
evaluated across multiple dimensions (e.g. differential return
loss for multiple layer transition configurations).

Each FOM characterizes specific aspects of the design.
Differential Return loss is a good quantifier for matching (as is



Differential TDR). Differential insertion loss is well suited to
quantify the channel losses, whichever mechanisms they may
be. Mode conversion is a good metric for quantifying channel
imbalance/asymmetry and crosstalk is typically used to measure
isolation.
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Figure 2. Max Differential Return Loss vs. Antipad size for L103(A4),
L107(B), and L116(C) trace exit configurations

To illustrate the challenge, a single parameter, antipad
diameter was varied from 20 mils to 40 mils and a plot of the
differential return loss for configurations is shown in Figure 2.
The entry layer was L101, and the exit layers were L103(A),
L107 (B), and L116(C).

TABLE 1. DIFFERENTIAL RETURN LOSS SPECIFIC LAYER

OPTIMIZATION
| Differential Return Loss Results
Optimization Configuration A(n”: till’;d Op ;Z;;;zed V:;;jt
A | Stripline, L103 30 -20.8 -15.8
B | Stripline, L107 27 -25.7 -18.0
C | Microstrip, L116 22 -25.1 -16.1
All Cases 26 -19.1

When padstack optimization focuses on a specific layer
transition such as cases (A) and (C), the differences between the
optimized and the worst transition performance was 5.0 and 9.0
dB, respectively. The best value, 26 mils, is closer to case (B)
optimal of 27 in this simple example, but this may not always be
the case for other stack-ups and parameter values (Table 1).

Parameter & handling (local vs. global)

To optimize a differential via padstack which may be used
for different layer transitions on a PCB, the parameters are split
into two sets: Global vs. Local codimensional parameters. The
local parameters define the layer transitions and are fixed for
each layer transition case. The global parameters affect all
simulations. Each simulation for a specific transition will
generate a result for which the worst case for the global
parameter set will be selected to be used for the optimization
FOM as shown in Figure 3.
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Figure 4. 16 Layer PCB stack-up

The stack-up used for this experiment is shown in Figure 4
with the dielectric named FR4 (Dk=3.3, TanD=0.02 @1GHz)
and SM (Dk=3.7, TanD=0.03@1GHz) and copper conductivity
at 5.8¢7 S/m). Via Backdrilling as assumed for all the stripline
transitions with via stub of 10 mils for 60 iterations and no stub
for the 140 iterations runs.

The parameters used in this optimization are summarized in
Table 2.

TABLE 2. OPTIMIZATION PARAMETER LIST

| Optimization Variables

Par 1 Min Baseli Max
Common Antipad (True/False) False True True
Drill diameter (mils) (8, 10, 12,14) 8 8 14
Pad diameter (mils) 15 20 30
Antipad diameter (mils) 16 30 60
Via pitch (mils) 35 45 75
Trace Angle (degrees) 30 30 90
RESULTS

Two sets of optimizations using SHERPA (Simultaneous
Hybrid Exploration that is Robust, Progressive and Adaptive)
algorithm found in [6] were run with a FOM of impedance
deviation (Zopev) for Zo= 100ohms defined in (1):

Zopev = Max( Abs(Zrpr — Z)) (1




Individual Optimization

With individual optimizations, one optimization was run for
each of the 7 transition layers specifically to minimize that layer
transition’s impedance deviation and is listed in Table 3. While
the optimization attempts to reduce the transition’s FOM for the
given layer transition, the worst-case impedance deviation for
the other transitions is listed under ‘worst-case’ in Table 3. It
can be estimated from Table 3 that the average optimized case
Zopev 18 5.3 ohms, the average worst case impedance deviation
is 17.6 ohms.
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In Figure 5 we can see the convergence of the L101->L103
transition in blue with the worst-case impedance deviation
effects in red. The TDR plot shows the optimized differential
TDR of 0.9 ohms while that padstack used on other layers
yielded a worst case of 13.4 ohms for the L101->L116
transition.

Codimensional Optimization

While the individual optimization in the previous section
focused on a specific transition ignoring the effects on the other
transitions, the codimensional optimization solves all transitions
in parallel and uses the worst-case result to guide the
optimization to ensure the performance across all desired
configurations.
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TABLE 3. OPTIMIZATION RESULTS

Impedance Deviation Results

Optimization Configuration 01:0"” W;;“ Oﬁzom Wlfzzst
il Stripline, L103 0.9 13.4 0.9 10.4
i2 Stripline, L105 5.1 9.7 3.5 16.6
i3 Stripline, L107 7.8 29.0 2.7 7.0
i4 Stripline, L110 9.9 10.6 2.7 3.1
i5 Stripline, L112 79 224 39 6.1
i6 Stripline, L114 4.6 12.4 39 9.2
i7 Microstrip, L116 1.2 25.0 1.5 21.4
ia Average of Individual 53 17.5 2.7 10.5
cl Codimensional, All layers 7.0 39

With a complex, non-linear search space, it is not guaranteed
that the global minimum will always be found given the
simulation budget of 60 simulations for each optimization as we
can see in the individual optimizations for layers L107, L110,
and L112 since a better padstack configuration was found in the
codimensional optimization. When the simulation budget was
increased to 140 simulations per optimization, all the individual
optimized values were at or lower than the codimensional worst
case.

With the codimensional optimization, a worst-case
impedance deviation of 7.0 ohms across the 7 configurations
was achieved for 60 iterations and 3.9 ohms for 140 iterations.

CONCLUSION

In this work, we applied codimensional optimization to
differential via padstack design to optimize a single padstack
definition to multiple entry/exit layer combinations and
achieved 7 ohms impedance deviation across 7 different layer
transition configurations. With this methodology a single
padstack design can be used for multiple transitions which
facilitates the padstack definitions and layout design and
verification. This becomes more important as the number of
layers in the PCB increases as seen with larger server boards and
telco backplanes.
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Distributed PDN Modeling Approach for Accurate Jitter
Estimation in High-Speed NAND Flash Memory
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Abstract— Due to aggressive storage capacity demands,
multiple NAND Flash die are often stacked in a highly integrated,
complex package system. As data-rate increases, bit time (UI) is
shrinking, and accurate measurement of the data valid window
and jitter become very important. Power distribution network
(PDN) noise affects the overall system timing. The conventional
way of PDN modeling approach in NAND Flash memory System
level analysis, cannot accurately predict the system level jitter and
deviates from the actual product level performance.

In this paper, an accurate method for PDN-induced jitter
analysis in NAND Flash system-level operation is described.
Simulated PDN-induced jitter results are validated through
characterization system and product level measurement jitter.

Keywords— Distributed PDN Modeling, NAND Flash SI
Simulation, PDN impact on I/O jitter

I. INTRODUCTION

In the last decade, NAND Flash Memory use has evolved
from simply the component in typical Flash storage devices
(USB Flash drives), to the primary data storage system in mobile
devices (embedded applications); in solid state drives (SSDs);
and in traditional computing storage. The operating speed
requirements for NAND Flash Memory are increasing
exponentially, accompanied by demand for significant
reductions in power requirements [1]. With increasing speed
requirements, the overall system-timing margin is becoming
steadily tighter. PDN induced jitter is a key parameter that must
be controlled and maintained at a minimal level to enable any
high-speed NAND Flash system operation.

II. CONVENTIONAL PDN MODELING APPROACH

Conventional ways of NAND I/O model creation in the
industry includes either IBIS modeling or composite transistor
level model of the output buffer. Generally, the internal power
bus connections between I/0 pads are not included in the NAND
I/O model. In addition, the system PDN is extracted as a lumped
network. All the VCCQ pins are shorted together and extracted
as one lumped port. Because of this lumped modeling approach,
all the I/0 pads of the NAND Flash receive the same power. The
lumped system PDN (VCCQ rail) modeling approach is shown
in Figure 1. At lower speed operation, the lumped approach was
sufficient, the bit time was large enough to account for the
timing delta due to the extra amount jitter not being present due
to the lumped approach.

I/O Model, without power aware feature of NAND die,
cannot accurately estimate the NAND I/O timing penalties (tqus
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& tposq), Clock duty cycle jitter (tosu & tost) and per-pin data
valid window (tpvwp).
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Fig. 1. NAND system PDN modeling representation (lumped approach)

With higher operating-speed, the timing window shrinks,
making it extremely important to accurately model all the jitter
components affecting the overall timing budget calculation.

III. DISTRIBUTED PDN MODELING APPROACH

At higher speeds, a power-aware NAND I/O model is
necessary to simulate I/O jitter properly. To improve the NAND
I/O modeling approach, the internal power bus (VCCQ rail)
connectivity between the 1/0O pads is included in the NAND I/O
netlist. System-level PDN modeling is also updated from the
lumped approach to a per-pin distributed modeling approach. As
shown in Figure 2, each VCCQ pin is isolated in the system PDN
model creation, providing isolated power to individual I/O pad.
I/O jitter due to the per-pin VCCQ PDN difference is thus
modeled effectively [2].

10 Power Bus
Model Included

Each VCCQ
pin is isolated

VRM
veeQ I I

Vss

PCB

B verarao [l vsseap [l Signalpan

Fig. 2. Distributed system PDN modeling approach



Inclusion of the NAND internal power-bus model adds
additional complexity in the NAND I/O model creation flow.
In addition, the transient simulation time increases by
approximately 20-25%.

IV. PDN INDUCED JITTER ANALYSIS

To study the PND induced jitter impact on the NAND Flash
Memory system, SI analysis was performed on a typical NAND
Flash characterization environment. NAND die is in packaged
form, and characterization is performed using semiconductor
automated test equipment, or ATE.

Impact of the system PDN is studied on the following
NAND AC timing parameters
a) Clock Duty Cycle Jitter (tosu & tost)
b) Per-pin 1/0 Jitter (tons & tposo)
¢) Per-pin data valid window (tpyw,)

SI simulation was performed on a WDC NAND Flash
device at 800 Mbps, and worst-case operating conditions.

A. Impact of PDN on Clock Duty Cycle (tosu & tost) Jitter

Clock duty cycle jitter is measured as the minimum
DQS/BDQS high pulse and low pulse widths. The tosu & tost
duty cycle is measured at the cross point of the DQS and BDQS
signals. The simulated tosu & tost result is shown in Figure 3.
The results show that without the system PDN, there is no jitter
in the tosu & tost parameters, indicating that the system PDN
contributes a significant amount of jitter in the clock duty cycle
[3].
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Fig. 3. Simulated tosy & tos. data at the worst-case corner

From SI simulation, the worst-case peak-to-peak jitter is
160ps (6.4% of trc) and absolute jitter is 85ps (3.4% of trc).

B. Impact of PDN on Per-Pin 1/0 Jitter (tons & tposo)

To demonstrate the impact of the distributed modeling
approach with power-aware NAND /O model, SI simulations
are performed in the following three scenarios:

a) Single I/0, No PDN, No power-aware NAND I/O
b) Lumped PDN approach, No power-aware NAND I/O
¢) Distributed per-pin PDN, with power-aware NAND

The I/O with minimum eye window opening (worst-case)
defines the maximum operating speed of the interface, in per-
pin eye window training, and was used for simulation and

32

measurement data analysis. Simulated, the worst-case /O jitter
at 800 Mbps is shown in Figure 4.

Worst Case 10 Jitter (Simulated)

Fig. 4. Simulated worst-case I/O jitter at 800 Mbps (distributed PDN model)

Based on the simulation, memory-only I/O jitter without
PDN is 24ps (1% of trc). With lumped PDN and a no-power-
aware 1/0 model, worst-case I/O jitter is 74ps (3% of trc). With
distributed PDN and a power-aware I/O model, worst-case,
jitter increases to 292ps (12% of trc). The result clearly shows
the importance of distributed per-pin PDN and a power-aware
I/O Model.

C. Impact of PDN on Per-Pin Data Valid Window (tpywy)

Because the system PDN has a significant impact on clock
duty cycle and 1/O jitter, the PDN would eventually influence
the per-pin data valid window (tpvwp). Simulated worst-case,
per-pin data valid window for the three scenarios are shown in
Figure 5. Based on the simulation, the per-pin data valid
window of bare memory is 1220ps (49% of trc). Per-pin data
valid window shrinks to 1150ps (46% of trc) using the lumped
PDN approach. Finally, worst-case, per-pin data valid window
is reduced to 934ps (37% of trc) with a distributed and power-
aware NAND I/O model.
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Fig. 5. Simulated worst-case per-pin data valid window jitter at 800 Mbps

V. CHARACTERIZATION SYSTEM MEASURED RESULT

To understand the impact of PDN on NAND SI system-level
performance, critical AC timing parameters were measured in
the characterization system environment. Measurements were
performed like the simulation environment, to establish the
correlation between measurement and simulation data.

A. Measured Clock Duty Cycle (tosu & tosi) Jitter

The characterized value of clock duty cycle jitter is shown
in Figure 6. As depicted in the measured data, clock duty cycle
peak-to-peak jitter is around 200ps (8% of trc). Absolute jitter
is around 100ps (4% of rc). Measurement data shows that the
PDN-induced jitter in the clock duty cycle is 4%. The average
value is the duty cycle of the input RE signal (50% of trc)
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Fig. 6. Clock duty cycle jitter measurement result

B. Measured Per-Pin 1/0 Jitter (tous & tposo)

Worst-case, per-pin /O jitter characterized data is shown
in Figure 7. Characterization data shows that the worst-case,
per-pin /O jitter measured at the VREF level is 305ps (12.2%
of trc).

Worst Case 10 Jitter (Measured)
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Fig. 7. Per-pin I/O jitter measurement result

VI. MEASUREMENT AND SIMULATION CORRELATION

To establish the validity and accuracy of the distributed PDN
modeling approach, simulated results are correlated with the
actual measurement.

A. Clock Duty Cycle Jitter Correlation

The clock duty cycle jitter correlation data is shown in
Figure 8. The difference between the simulated and measured
peak-to-peak clock duty cycle jitter is 1.6% of trc — 3% of trc.
The absolute clock duty cycle jitter delta between the simulation
and measurement is approximately 0.6% of trc — 1.3% of trc.

The delta between the simulation and the measurement data
is due to the absence of NAND internal logic stages in the
NAND I/O model.

Peak-to-Peak Jitter

Absolute Jitter

Fig. 8. Clock duty cycle jitter simulation and measurement correlation

Acceptable correlation is established between the simulated
and the measured clock duty cycle jitter. The maximum absolute
clock duty cycle jitter delta is only 0.6% of tg.

B. Per-Pin 1/0 Jitter Correlation

Per-pin 1/O jitter correlation data is shown in Figure 9. The
lumped PDN approach, predicts reduced jitter compared to
distributed approach. The simulation and measurement worst-
case 1/0 jitter delta is within 0.5% of trc, indicating the validity
of the distributed PDN modeling approach. A very good
correlation between the simulated and measured per-pin /O
jitter is established.
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Fig. 9. Worst-case, Per-pin I/O simulation and measurement correlation

C. Per-Pin Data Valid Window Correlation

At the system level, the maximum operating speed of the
NAND interface is determined by the minimum per-pin data
valid window opening. The worst-case, per-pin data valid
window correlation data is shown in Figure 10. The worst-case
data valid window mismatch between the simulation and
measurement is 1.2% of trc.

so.0m ey

Simulated tOVWp tOVWp Corrolation

Fig. 10. Worst-case, Per-pin data valid window correlation

VII. PRODUCT LEVEL PERFORMANCE CORRELATION

To demonstrate the validity of the proposed simulation
methodology, actual product level system performance was
correlated on a WDC embedded multi-die product at nominal
operating condition. Product level correlation data is shown in
Figure 11. Measurement and simulated delta is 1.4% of tRC.
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Fig. 11. Product level performance correlation

VIII. CONCLUSION

This paper demonstrates that the system PDN contributes a
significant amount of jitter in critical AC timing parameters,
which directly affects NAND SI analysis. Lumped approach of
PDN modeling cannot predict per-pin I/O jitter accurately.
Distributed per-pin System PDN and integrated NAND internal
power-bus model I/O netlist is required for the accurate per-pin
I/O jitter analysis. Finally, simulation and measurement
correlation on critical AC timing parameters is established with
reasonable consistency.
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Abstract— In this paper, we first propose a scalable
transformer network-based reinforcement learning (RL)
method for power supply induced jitter (PS1J) optimization in
high bandwidth memory (HBM). The proposed method can
provide an optimal power distribution network (PDN)
decoupling capacitor (decap) design to satisfy the target PSIJ
with the minimum number of NMOS decaps. For the given
number of decaps, the network is trained to maximize the
impedance reduction from 10 MHz to 20 GHz compared to the
initial PDN. Also, the network has scalability on the number of
decap assignments. Therefore, for given any number of decaps,
the scalable network can provide minimized PDN impedance
profiles by one inference without re-training. Then, by
increasing the decap assignments, the network can find out the
minimum number to meet the given target PSIJ. For
verification, the proposed network is applied to the HBM2 1/0
interface. The network successfully provides the optimized
decap designs to satisfy the given target PSIJ values.

Keywords—Decoupling capacitor, Power Supply Induced
Jitter, Scalability, Transformer network, Reinforcement Learning

L

As the timing budget becomes tighter due to the higher
speed requirements in digital systems, PSIJ becomes more
challenging in both the serial and parallel I/O interfaces [1].
Especially, the HBM module has 1024 parallel IOs between
the graphic processing unit (GPU) and HBM to provide TB/s
scale bandwidth as shown in Fig. 1 [2]. Moreover, the data
rate has increased from 1 Gbps at gen 1 to 6.4 Gbps at gen 3
[3]. The numerous I/O buffers in the physical layer (PHY)
draw the current at the same time which is called simultaneous
switching current (SSC). When the broadband SSC spectrum
meets the high-peak anti-resonance of the PDN impedance, a
large simultaneous switching noise (SSN) occurs [2]. The
induced voltage fluctuation causes jitter which severely
deteriorates the timing margin at the data output. Therefore, it
is important to design robust PDN to lower the impedance in
the broadband frequency band.

INTRODUCTION

Decap design is one of the most important processes for
PDN optimization. However, it is a combinatorial
optimization problem that has high computational complexity
and requires high computing cost. Recently, to tackle this
problem, deep RL (DRL)-based decap optimization methods
have been actively investigated [4]-[6]. The RL is an
algorithm to solve the problem defined by Markov decision
process (MDP) parameters — state s, action a, reward r, and
policy z [7]. In the DRL, the probability distribution function
(PDF) 7 of a given s is approximated by the policy neural
network (NN). Thus, DRL-based methods train the policy
network to find optimal « for given s in order to maximize r.
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Fig. 1. Schematic of HBM I/O Interface configured of VDDQ PDN, Tx
clock buffers, Tx I/O drivers and interposer channels. SSN generated by
1024 switching 1/Os occurs PS1J which deteriorates timing margin.

All the previous works [4]-[6] proposed decap optimization
NNs to meet the target impedance with the minimum number
of decaps. However, those networks are trained by using one
PDN data to satisfy a specific target impedance. In other
words, those are only useful to solve the one PDN to satisfy
the one target impedance. Whenever the PDN or target
specification is varied, they needed to be re-trained. Also,
those do not consider the PSIJ for the optimization.

When developing the DRL-based methods for high-speed
digital systems, the generality of the policy network is
important to reduce the computing cost [8], [9]. From that
point of view, [9] proposed a scalable transformer network for
PDN optimization. The scalability refers to the property of
whether the trained policy network can respond to the scale of
the problem without re-training. In this paper, as the extension
of our previous work [9], a scalable transformer network-
based RL method for PSIJ optimization in HBM is proposed.

II. SCALABLE TRANSFORMER NETWORK-BASED RLL METHOD
FOR PS1J OPTIMIZATION IN HBM

The transformer network for PDN decap optimization
proposed in our previous work is used for this work [9]. The
network is trained to solve the decap n/m problem in the HBM
I/O interface — deriving the assignment sequence of m number
of unit NMOS decaps (a=(X41, Xa2, ..., Xam)) for given n
number of positions for decap assignment candidates (X=(x,

., X)) to maximize the reduction of 10 self- and transfer
impedances (Z11, Zzz, Z33, Z44, Z12, Zl3, Z14, Zz3, Zz4, Z34) seen
at 4 probing ports (P=(xp1, Xp2, Xp3, Xp4)). P is from the HBM
PHY region and each port represents 256 10s of 2 DWORDS.
X is from on-chip and on-interposer PDNs. The unit NMOS
decap has 1.055 nF and 0.7 mQ ESR. x is the feature vector of
a port that contains the coordinates and the information on
whether it is a probing port [9, eq. (3)]. Therefore, for a given
input state s={P, X}, the network is trained to derive a to
maximize the expected reward r by the RL. » is defined as the
sum of the weighted mean of the self- and transfer impedance
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@ eq. (13), (14)]. Then, it computes p(a;) by the attention with
thekeys k of the decap candidate nodes A,..., h, [9, egs. (14)—
Tnitial state s, PDN impedance Zoom 1) (16)]. In the greedy inference, for every time-step, a: is
/ Jitter sensitivity S.u(f), Sy, SSC I(f) / selected where the probability is maximized. In other words,
v it is chosen where the reduction of the PDN impedances is
Set decap assignment num N=1 maximized. With the a solved by the network, PSL/jipk's are
T estimated at the 4 probing ports P. If all the PSIJppx’s do not
satisfy the target PSIJ, then increase the N and repeat the loop
Greedylnference(s, Zppy, ;) until all the PS1Js meet the target.
a . . . .
! As depicted in Fig. 1(a), the total PSIJ is the sum of the
Estimate Py at 4 ports PSHpors- s PSWpors N=N+1 PSIJs at the clock buffer and IO driver [2]. Assuming the same
] SSC I(f) drawn by 256 10s at each port, PSIJ at the probing
port 1 can be expressed as:
target *
Yes PSIJporﬂ(f): Sclk(]()>< Vponl(f)+Sdriver(f)x Vporll(f)
Decap assignment number N, Optimized s*, (1)
o RS I = Sclk(f) XZtotal(f) X 1(f)+Sdriver(f) XZtotal(f) Y (f)
(b) where Vportt is SSN at port 1. Zw is the sum of the self-

Fig. 2. (a) Overall concept of the proposed scalable transformer network-
based PSIJ optimization method. (b) Flowchart of the proposed method.

reduction at P [9, eq. (5)]. Details on the defined MDP
parameters, the network and the training algorithm are
explained in [9].

Fig. 2(a) shows the overall concept of the proposed
method. The transformer network is trained to has scalability
both in the encoder and decoder [9]. Therefore, the network
trained in the smaller-scale decap n/m problem can solve the
larger-scale problems either on # and m without re-training.
The scalability is due to the shared weight properties and
context embedding process in the transformer network.
Details are described in [9]. Therefore, for given any decap
assignment number m, the network can provide minimized
PDN impedance profile. The PSIJ is expressed as the
multiplication of PDN impedance, current spectrum and jitter
sensitivity. Then, by increasing the decap assignments
(decoding unit), the network can find the minimum number to
meet the given target PSIJ.

Fig. 2(b) shows the detailed flowchart of the proposed
method. Inputs are initial state s, PDN Z-matrix Zppn, s, jitter
sensitivity of clock buffer Sci and Tx driver Sasiver, and SSC
spectrum / drawn by 256 10s. For every loop, the network
performs the greedy inference to output @ whose length is
equal to the given assignment number N. The inference
includes both computations in the encoder and the decoder as
shown in Fig. 2(a). The encoder embeds raw feature vectors s
into high-dimensional node embeddings 4 by the attention
computation [9, egs. (7)—(12)]. In the decoder, the decoding
unit sequentially outputs the next position a, of a unit decap
every time-step ¢ depending on the PDF p(as, ai+1). The
context node h. configured of the previous assignment A, |
and 4 probing ports hyp1, hy, hy3 and hps becomes a query ¢ [9,
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impedance Z); and transfer impedances Zi2, Z13 and Zy4. Z1;
indicates self-switching noise and Zi»+Zi3+Z14 indicates
coupled noises from ports 2, 3 and 4 to port 1. PSLJ (f) at the
probing ports 2, 3 and 4 also can be represented in the same
way. Then, PSLJ(f) and PSIJpkpk can be derived as followings:

PSIJ(6y= IFFT(PSIJ(f)). ©)
PSUyep= max(PSIJ(£))-min(PSLJ(f)). 3)

A global clock network is implemented on the PHY of the
HBM logic die and Tx clock buffers are designed as 3-5 stages
depending on the positions of DWORDS (probing ports) [2,
Fig. 4]. The 1O driver is designed based on the TSMC 65 nm
process referring to HBM JEDEC [7]. Sck and Sgriver are
modeled using the propagation delay-based methods [1, eq.
(16)]. Since the HBM PHY is divided into 4 regions as shown
in Fig. 3(a), each region contains 256 10s of 2 DWORDS.
Considering the data inversion bus (DBI), the worst-case SSC
spectrum of 128 switching 10s is used for I(f). The
hierarchical VDDQ PDN includes an on-chip grid P/G plane,
on-interposer meshed P/G plane, p-bump array, multi-array
TSVs and PKG PDN [9].

III. APPLICATION TO HBM I/O INTERFACE

The proposed method is applied to optimize the HBM2 I/O
interface configured of 404 decap assignment candidates. The
transformer network trained in decap 300/150 is used. The
data rate of the switching 1Os is 2 Gbps. The rise/fall time is
60 ps (0.12 UI). The peak transient current of a Tx driver is 9
mA. The max/min propagation delays 7pmax and Tpmin of Tx
driver are 51.97 ps and 42.58 ps respectively. Those of the
clock buffer for 3 and 5 stages are 405.4 ps/ 348.9 ps and 239.8
ps/ 208.1 ps respectively.

Table I shows the optimized peak-to-peak PSIJ results by
the proposed method. Initial PSIJs at the probing port 1, 2, 3
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Fig. 3. Results of the Case #2. (a) Decap assignment result. (b) Z of the
initial and optimized PDN seen at the probing port 1. (¢) PSIJ spectrum of
the initial and optimized PDN seen at the probing port 1.

and 4 are 83.94 ps, 54.29 ps, 83.99 ps and 54.26 ps
respectively. The reason why the PSIJs at ports 1 and 3 are
larger than those at ports 2 and 4 is the difference in the
number of clock buffer stages. Two target PSIJs 25 ps and
22.05 ps and are given. For both Case #1 and #2, all the PSIJjx.
ks at the probing ports satisfy the target. 72 EA and 143 EA
of unit NMOS decaps are assigned respectively.

Detailed results of the Case #2 are plotted in Fig. 3. Fig.
3(a) depicts the decap assignment results. Fig. 3(b) shows
Zowal(f) of the initial and optimized PDN seen at the probing
port 1 respectively. The SSC I(f) frequency components are
distributed from 10 MHz to 10 GHz, especially high peaks at
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2 GHz and its harmonics. Hence, it is important to reduce
Zowal(f) in the broadband frequency range from 10 MHz to 10
GHz. As shown in Fig. 3(a), to minimize the Zyw(f), the
transformer network assigns decaps near and between the 4
probing ports both in the on-chip and on-interposer PDNs. For
the anti-resonance between Lpkg and CinerposertCenip around
100 MHz, total capacitance of assigned decaps (Ciccap) 15 @
dominant factor. Over the 100 MHz range, the positions of the
decaps are dominant. In other words, effective resistance and
inductance of the on-chip and on-interposer PDN
RinterposertRenip and  LinerposertLenip dominate the impedance
profile. The assigned decaps suppressed the Ziow well from 20
MHz to 4 GHz including the anti-resonance. However, over 4
GHz, the reduction is limited by the self-inductance of the P/G
plane itself. Fig. 3(c) illustrates the corresponding PSLJ(f) of
the initial and optimized PDN seen at the probing port 1
respectively.

IV. CONCLUSION

A scalable transformer network-based RL method for PSIJ
optimization in HBM is proposed. The proposed method
provides optimal decap design in on-chip and on-interposer
PDN:s to satisfy the target PSI1J with the minimum decaps. The
decap optimization NN trained to has the generality is used.
Thanks to its scalability, the network can provide the
minimized PDN impedance profile for every decap
assignment by one fast inference. Thus, the network can easily
find the minimum number to meet the target PSIJ by
increasing the decaps. The proposed method is applied to the
HBM2 I/O interface and successfully provides the solutions.
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Abstract— Previous studies have shown PAM4 signaling is ~
3x more sensitive to noise interference comparing to NRZ mode.
Furthermore, because of the backward compatibility
requirement, PCle needs to support both PAM4 and NRZ
signaling mode. As a result, the crosstalk scenario can be much
more complicated than a sole signal modulation mode. In this
paper, we present a thorough analysis for the crosstalk impact
on PCle 6.0 link (PAM4) with backward compatibility of
previous generations, such as PCle 5.0 (NRZ). Several key
factors, including voltage swing, equalization, modulation type,
number of aggressors and port partition or bifurcations, have
been studied to show their impact on the crosstalk behavior and
the related effect on the full link performance. This methodology
will serve as a guideline to thoroughly study the crosstalk impact
for platforms with PCle 6.0 links. It is demonstrated that, after
including all the considered variables about the crosstalk, the
total degradation could add up to ~22% for EH and ~19% for
EW.

Keywords— PCle 6.0, PAM4, crosstalk, Tx equalization, high-
speed serial links, signal integrity

1. INTRODUCTION

To continue succeeding in the industry, electronic
designers need to enable the next PCle generation, PCle 6.0,
at 64 Gbps with PAM4 signaling. It brings several challenges
[1]. From signal integrity point of view, one of the most
important topics is the crosstalk impact. It’s well known that
crosstalk will degrade the receiver capability to interpret the
information being transmitted, and that it also gets worse with
the transfer rate increment. The higher the frequency is, the
higher the undesired coupling could be.

However, beyond the operation frequency, there are other
elements contributing and shaping the crosstalk behavior.
Identify the key elements driving the crosstalk impact is
critical to take the risk out. This paper puts on the microscope
the following variables: Tx voltage swing, Tx equalization,
data modulation and number of aggressors.

The first variable is defined in the PCle Base Spec [2] as
differential peak-peak Tx voltage swing (Vrxpirr-pp). The
spec allows a range for this value. The minimum value is 0.8
V, but it could goup to 1 V (PCle 6.0 Spec) or 1.2 V (PCle
5.0 spec). Taking as reference the 1.2 V, there could exist an
increment of ~ 50% in the energy being coupled onto the
neighbors. Given that this is a substantial increment, it
becomes critical to include this parameter in the analysis.
Additionally, in a crosstalk scenario where the aggressors and
victims come from different link partners, such as a near-end
crosstalk (NEXT) from transmitters to receivers, the voltage
swings of the PHYs are independent.

Also, a well-known technique to compensate the signal
degradation introduced by the channel is by implementing
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TXLE (transmitter linear equalizer), which de-emphasizes the
low frequency components [3]. Therefore, an aggressor with
TX Equalization (TXEQ) will transmit less energy comparing
to without TXEQ case. Since that, it is expected that less
energy is coupled to the victims when the equalization is on.

In addition, before PCle 6.0, which uses PAM4 coding,
PCle links based their operation on NRZ coding. A
requirement in PCle Base Spec is the backward compatibility
[2], meaning that PCIe 6.0 links must be capable to work at
lower transfer rates like PCle 5.0 or PCle 4.0. Besides, it will
be possible on a platform that the PCle ports neighboring to a
PCle 6.0 port on the same CPU are running at PCle 5.0 speeds.
In other words, different ports of a given CPU could operate
at PCle 6.0 and PCle 5.0 simultaneously. This could be
derived from having different ports or a bifurcated port (which
adds complexity to the analysis). As result, it is necessary to
evaluate some scenarios where PCle 6.0 signals coexist with
PCle 5.0 (or other lower transfer rates) signals. In that
condition, it can be found PAM4 victims surrounded by
aggressors operating in NRZ mode.

Moreover, as the demand of I/O bandwidth goes up, it is
needed to incorporate a higher density of signal pins for the
I0s. Derived from this, the number of pins coupling energy
into other pins continue increasing. It is necessary to perform
an in-depth study to select the number of aggressors that must
be considered as part of any signal integrity analysis.

The following section describes the methodology used to
assess the impact of the 4 parameters mentioned before. Later,
section III presents the results of the performed experiments.
Finally, section IV shows the conclusion of the investigation.

II. METHODOLOGY OF ANALYSIS

A. Topology

As an investigation vehicle, it was selected a typical 1-
connector PCle topology (Fig. 1), where the total end-to-end
insertion loss (IL) > -32 dB at 16 GHz. The package is
contributing with -8 dB as is defined by the spec [2], the add-
in-card (AIC) with -8.5 dB and the rest of IL is coming from
main board. As is usual in many platforms, there is a socket
between package and main board. Also, there are vias and
transmission lines making up the main board channel. Finally,
there is a connector compliant with PCle 5.0 CEM spec [4]
(CEM 6 model is under definition).

B. Choosing the number of aggressors

Fig. 2 shows a typical example of high-speed 1O pin pattern.
In the north we have Tx pins and, in the south, we have Rx
pins. These pins will not necessarily be working at the same
transfer rate, they can operate from PCle 1.0 to PCle 6.0 or
belong to a totally different protocol. The number of
aggressors will change from case to case. A good ground



isolation and favorable pin assigment will always help to
reduce the number of significant aggressors. After picking the
victim pair, a good strategy to select the adequate number of
aggressors it is by looking at crosstalk responses in frequency
domain. Assuming the configuration depicted in Fig. 2 , it
was decided to consider 4 far-end crosstalks (FEXT), i.e.,
crosstralk between transmitters, and 3 NEXTs. The directly
adjacent differential pairs to the victim were selected as
aggressors (first order aggresion from the geometric point of
view).

NRC

Silicon
Package

Socket

Main Board

Breakout Main Routing

Pin field via

Fig. 1. 1-connector PCle 6.0 topology.
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....Txpins
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Fig. 2. Generic high-peed 10 pin map.
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C. Data coding

PCle 6.0 uses PAM4 coding while the other transfer rates
use NRZ. When a random bit sequence is transmitted, the total
energy in a PAM4 coded waveform is 5/9 of NRZ coded
waveform for the same sequence. Therefore, the energy
coupled into the victim tends to be higher when NRZ is used
[5]. This makes modulation an important factor in crosstalk
analysis.

The amplitude of a transition between two adjacent levels
in PAM4 is 1/3 of the signal at NRZ. This has two important
implications, NRZ signals produce stronger instigations and
PAM4 signal is more susceptible to noise.

Assuming the pin arrangement in Fig. 2, a realistic
configuration could consider that 3 out of 4 FEXTs use NRZ,
leaving only 1 FEXT operating with PAMA4. At the same time,
all the NEXTs could be working with NRZ coding. This
configuration can be seen as a worst case. Section III will
discuss this and other configurations.

D. TX voltage swing

The amplitude of coupled noise is directly proportional to
the strength of the buffer. That is why Vrx.pirr-pp must be
accounted as a key variable in the crosstalk analysis.
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Latest PCle spec [2] introduced a change for the maximum
Vrx-pire-pp. The new maximum is 1 V, while in the previous
revision it was allowed 1.2 V. Therefore, to support legacy
PClIe devices, a maximum of 1.2 V needs to be assumed. As
consequence, this paper considers Tx pairs ranging between
0.8 and 1.2 V (PCle 5.0 compliant), while Rx pairs range
between 0.8 and 1 V (PCle 6.0 compliant).

E. TX Equalization

Like its predecessor, PCle 6.0 will use TXLE. Typically,
full link simulations assumed that aggressors would use the
same TXLE configuration as the victim. This is true only
when the aggressors are within the same link. Aggression
could come from a different PCIE port or a different
interface. Besides that, when bifurcated, links within the
same PCle port can communicate to different devices with
different topologies. This means that equalization might be
different even for adjacent lanes.

As it was stated in section I, when TXLE is off, instigation
signal will remain at its full strength, allowing to couple more
energy onto the victim. Then, the extreme condition to be
tested is when it is chosen the preset QO (no equalization) for
PCle 6.0 or P4 for the legacy speeds [2]. The opposite case is
when equalization is on. For the purpose of this paper, it is
assumed that aggressors within the same link will have the
same equalization setting as the victim.

III. RESULTS

All components in the channel (as shown in Figure 1)
have been created for full link simulations. Most models are
created by 3D EM simulator, except the transmission lines,
created from a 2D simulator. We then simulated the link
performance based on PCle 6.0 standard requirements to
evaluate the impact under different crosstalk conditions, as
shown in Fig. 3. Each bar represents a different setup for the
aggressors. The details of each setup are depicted in the Table
1. For readability, it was bolded the parameter that changes
from case to case. Notice that the effects have been added
progressively.

Crosstalk amplitude is linearly proportional to
aggressors’ voltage swing. From 0.8 to 1.2 V the crosstalk
increases by 50%. From PAM4 to NRZ coding, the average
transmitted energy in aggressor increases as well.
Collectively, the two effects degraded EH by ~11% and EW
by ~10% in simulation results (Steps 2-4 in Figure 3 and
Table 1). After removing the TX equalization, another ~4%
drop in EH and ~3% drop in EW are observed (step 4-5 in
Fig. 3 and Table 1). Steps 6 & 7 shows the impact of voltage
swing, modulation and TXEQ impacts on NEXT aggressors.
Similar phenomena have been observed as FEXT in steps 2-
5. In addition, the number of aggressors also have an impact
on the link margin. However, that is specific to a pin pattern
and component level performance, which will not be
discussed in detail here.

IV. CONCLUSIONS

As analyzed, the backward compatibility of PCle 6.0
(PAM4 signaling) and legacy speeds (PCle 5.0 and early,
NRZ signaling) can result in multiple crosstalk scenarios,
which can result in significantly different impact on PCle 6.0
link performance. In this paper, we analyzed the crosstalk



impact as a function of four parameters: number of aggressors,
Tx voltage swing, Tx equalization and data codification. The
results shown that each of these variables has a noticeable

contribution.
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Fig. 3. Margin impact due to different crosstalk assumptions for 1-

connector PCle 6.0 topology. Bottom eye is chosing since it is the
among the 3 PAM4 eyes.

In terms of percentage, both EH and EW

worst case

degrade

similarly, even though EH is suffering more. Specific eye

degradations and limiter will depend on topologies.

The one

connector topology in this paper is characterized by having
more difficulties to pass EH spec than EW. However,
topologies with more transitions, e.g., two or three connector

topologies, tend to be more constrained in EW.

[2]
[3]

(4]
[3]

Based on the studies in this work, we provide the
methodology to ensure a correct prediction of the crosstalk
behavior as following.

1.

The number of aggressors must be a function of the
pin map, instead of having a predetermined fixed
number. As first step, the selection can be done based
on frequency domain analysis and proximity. In case
of doubt, a single case based on eye margins can be
conducted.

Once it is known the interfaces (speed and
configuration) surrounding the lanes under study, it is
necessary to run analysis assuming that those lanes
are being driving with the maximum voltage swing
allowed by the corresponding interface. Figure out the
right swing used by those lanes would deliver a more
realistic result.

Also, as extreme case, the TXLE of the aggressors
should be assumed to be zero. If the TXLE
configuration is known, then it would be better to
configure the right TXLE setting to get rid of
pessimism.

Finally, PAM4 links should be placed away from
NRZ links. If not possible, it is needed to include the
right codification in the simulation setup.

REFERENCES

N. Dikhaminjia et al., "PAM4 signaling considerations for high-speed
serial links," 2016 IEEE International Symposium on Electromagnetic
Compatibility (EMC), 2016, pp. 906-910.

PCI Express Base Specification Revision 6.0, Version 1.0, December
2021.

ALTERA, “Undestanding the Pre-Emphasis and Linear Equalization
Features in Stratix IV GX Devices,” Application Note, November
2010.

PCIE Exspress Card Electromechanical Specification Revision 5.0,
Version 1.0, June 2021.

Intel, “PAM4 Signaling Fundamentals,” Application Note, March,

2019.
TABLE L. DEGRADATION DUE TO DIFFERENT CROSSTALK ASSUMPTIONS FOR 1-CONNECTOR PCIE 6.0 TOPOLOGY.
Case | NEXTs | FEXTs EQ (TXLE) Voltage swing [V] Data Coding E]?;;’t[tl‘:l‘{‘,] é“”“,’v“[‘}}'l‘]

NEXT: as victim NEXT: 0.8 NEXT: PAM4

1 3 4 FEXT: as victim FEXT: 0.8 FEXT: PAM4 78 0.146

5 3 2 NEXT: as victim NEXT: 0.8 NEXT: NRZ 749 0.141
FEXT: as victim FEXT: 0.8 FEXT: PAM4

3 3 4 NEXT: as victim NEXT: 0.8 NEXT: NRZ 747 0.141
FEXT: as victim FEXT: 0.8 FEXT: PAM4
NEXT: as victim NEXT: 0.8 NEXT: NRZ

4 3 4 FEXTI to FEXT3: as victim FEXTI1 to FEXT3: 1.2 | FEXTI to FEXT3: NRZ 6.91 0.132
FEXT4: as victim FEXT4: 0.8 FEXT4: PAM4
NEXT: as victim NEXT: 0.8 NEXT: NRZ

5 3 4 FEXTI to FEXT3: Preset Q0 | FEXT1 to FEXT3: 1.2 FEXT1 to FEXT3: NRZ 6.63 0.128
FEXT4: as victim FEXT4: 0.8 FEXT4: PAM4
NEXT: as victim NEXT: 1 NEXT: NRZ

6 3 4 FEXT1 to FEXT3: Preset Q0 FEXT]1 to FEXT3: 1.2 FEXT1 to FEXT3: NRZ 6.22 0.122
FEXT4: as victim FEXT4: 0.8 FEXT4: PAM4
NEXT: Preset Q0 NEXT: 1 NEXT: NRZ

7 3 4 FEXT1 to FEXT3: Preset Q0 FEXTI to FEXT3: 1.2 FEXT]1 to FEXT3: NRZ 6.08 0.119
FEXT4: as victim FEXT4: 0.8 FEXT4: PAM4
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Abstract—PDN optimization involves selection of capacitors to
meet the target impedance. This paper uses reinforcement
learning to solve decoupling stuffing problem based on
impedance-based reward and then with both impedance & cost-
based reward. It is shown how the agent can be biased when
trained only on impedance-based reward. Key results including
attainment of target impedance and overall achieving cost and
impedance optimized solution are reported.

Keywords—Reinforcement learning, power delivery network,
capacitor selection, power integrity.

I. INTRODUCTION

Microprocessor power supply requires low power delivery
network (PDN) impedance peaks. This is obtained via careful
capacitor (Cap) stuffing in the power integrity design. This
process of evaluating different decoupling capacitor option
relies on engineering knowledge, is time consuming and
typically lacks cost consideration for practical design.

This paper addresses PDN optimization problem via
utilization of deep reinforcement learning (RL). This work
contributes to literature like prior references [1], [2] which too
address capacitor stuffing using RL in a frequency band.
Reference [1] features silicon interposer based 2.5D/3D
integrated circuits; however, it doesn’t account for cost. In [2],
only the total number of capacitors are used in the reward
function. This work provides an approach of attaining target
impedance in a frequency band at the same time ensuring cost-
based stuffing. Paper also features different reward functions,
states, and possible actions along with techniques to calibrate
impedance and cost rewards for joint utilization. Training time
saving techniques like reutilization of previously run
impedance simulations are also discussed.

Paper is organized as follows. Section II covers RL
overview and explains the design problem. Section III provides
RL results from impedance-based reward and Section IV
provides results from of cost and impedance-based reward.
Conclusions are summarized in Section V.

II. RL AND PDN OPTIMIZATION PROBLEM

This section provides a brief overview of reinforcement
learning and its application to a common power integrity
problem with specific details.

978-1-6654-5075-1/22/$31.00 ©2022 IEEE
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A. Reinfocement Learning Overview

RL is a field of machine learning which is gaining significant
popularity [3]. RL does not use label, unlike supervised learning
[4], [5]. Instead, it trains an agent (e.g., Q-table, DQN, etc.) via
interacting with the environment. RL training involves many
episodes with each episode consisting of many iterations or
steps. As shown in Fig. 1, during each training step the agent
takes an action in the environment for which it receives a reward.
Data including states, action, reward, and next state is stored in
memory buffer for utilization during training. Agent’s goal is to
maximize reward during training by striking a balance between
exploration and exploitation. Finally, after all episodes, an agent
is learnt which can be used for testing or deployment.

m

Fig. 1. Reinforcement learning framework.

State

Action

Reward

B. Problem Description

This paper addresses a conventional power integrity problem
of PDN capacitor selection after a touchstone file is extracted
capturing PCB and/or package parasitics. The process of trying
different decoupling option is cumbersome, time consuming and
lacks cost consideration for optimal design. Paper trains RL
agent to obtain optimal capacitor stuffing.

vssill

Vee

p7= load

Rvrm
p

il Touchstone.s7p

Lygm

P Py Ps Ps P| Load

1A
VRM - cap, (Cap, ( Capy [ cap{ Cups|

BEREE

(b)
Fig. 2. PDN optimization problem: (a) 2D & 3D illustration of extracted 7-
port PDN model (b) circuit representation.

Fig. 2(a) illustrates 2D and 3D view of the PCB under
consideration. A touchstone file (.s7p) consisting of a voltage
regulator module (VRM), capacitors (5 count) and SoC load port
is generated. PDN impedance profile is defined as the AC
response obtained via application of 1A AC current at the SoC
load location. VRM is modeled as a RL element to represent its



bandwidth. The circuit details are shown in Fig 2(b). The
capacitors use a higher order model containing parasitic
inductance and resistance.

Fig. 3 shows the optimization target of achieving <25 m(Q}
in the frequency band of interest [6].

10

1 Design Frequency Band

Zpoy [0

Zpeak
100m

Zrarger = 25mQ

1K 10K 100K ™ 10M

Frequency [Hz]

100M 16

Fig. 3. PDN optimization goal to meet Z,. in the deisgn frequency band.

III. TARGET IMPEDANCE BASED RL LEARNING

This section covers RL model details, including the results
from impedance peak minimization and meeting of target
impedance.

A. States, Action, and Agent

The work begins by sorting available commercial capacitors
in an increasing order of capacitance to create a vector. Then we
use the index of this vector in RL modeling for any further
utilization. This is for better interpretability of results via power
integrity domain knowledge.

Fig. 4(a) shows the action and state vector details. Action has
one hot encoding, i.e., at one time one capacitor is changed.
States are current capacitor index (or effectively stuffing) along
with Zpeq during the iteration. The used DQN model is shown in
Fig. 4(b).

Action Description States |Description

Cs. Reduce Cap Sindex  |C, Cap 1's index nput ayer Hidden layer Output layer
C,. Reduce Cap 4 index  (C, Cap 2's index (utg H, ‘A“;’“”’
Cs. Reduce Cap 3 index  |Cy Cap 3's index Q < Q !
C,, Reduce Cap 2 index  |C, Cap 4's index el @ /) P D
C, Reduce Cap 1 index  |Cs Cap 5's index . O/ ‘Q“Az

B . Peak impedance ~ X /
Cne  [Pontchangeindex  Zoeuk |, ieration step Cs ~O P X .
C. Increase Cap 1 index H ’
Cy. Increase Cap 2 index = @ @
Cy. Increase Cap 3 index ’@“An
Cy. Increase Cap 4 index
Cs. Increase Cap 5 index

(@) (®)
Fig. 4. Model details (a) states, actions and (b) employed DQN agent.
RLAgent | 4, =[Cs., Cay oo s iy O, Cris vov s Gy, Csi] | Environment
(DQN) (PDN)
+2, VAR AL
N CC U
Rpeak = _;' Zpeak = Zpeak  Ftarget = -2, ZSJJk = Ziarget

n+1 n
Zpeak > Zpeak

R = Rpeak + Rearget Reward

Sf;sl =€, G ..., G, Zpeak] State

Fig. 5. RL model for impedance reduction factoring peak and target.

B. Applied RL Approach and Alogorithm

Fig. 5 shows the RL modeling details. We can see the reward
(R) details. Iteration reward is sum of two rewards: (a) Rpeqx
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which factors reduction in impedance peak and (b) Riqrget
which reflects attainment of 25 mQ impedance.

Algorithm 1 illustrates training process, which is done for
140 episodes each with 20 iterations. A key delta to conventional
approach is utilization of previously computed Z,cq in order to
reduce training runtime. Other steps in algorithm are more or
less consistent with a typical RL model [3].

Algorithm 1. DQN Training.

Memory Initialization: D of size 5000
Random weights initialization for DQN agent
for episode = 1, 140 do:
for t =1, 20 do:
If t=1 do: Initialize state randomly
Select action:
a, randomly
Otherwise based on DQN policy
Execute a, in PDN environment to get states
if Zpeq Obtained previously, re-use
Compute R
Save {S", 4, R, "'} to buffer
Update DQN weights based on MAE
end for
end for

C. Episode Reward and Test Results
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Fig. 6. Episode reward during training without considering cost in the
reward.

Fig. 6 shows each episode’s cumulative reward alongside a
5-episodes moving average. We see the expected trend of
increasing reward over episodes. Note the maximum possible
reward is 80 which the agent could converge to given
appropriate episodes and perhaps by additional hidden layers in
DQN network. For intent of this work this training was deemed
sufficient as will be discussed via agent’s test run results in
Table I.

IV. REWARD SHAPING FACTORING IMPEDANCE AND COST

The approach of minimization of impedance peak as shown
in Fig. 3 is limiting as it does not factor cost of capacitors for
practical reasons. Therefore, reward reshaping is needed to
account for cost of capacitors.

A. Addressing Cost of Capacitors

In this approach, capacitor index is proportional to
capacitance (as in Section III) and cost, however, note that
capacitor cost depends on many aspects like supply chain, form-
factor and is not only limited by capacitance value. A linear fit
via least squares approximation is obtained as shown in Fig. 7.
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Fig. 7. Relative cost vs capacitor index.

B. Reward Reshaping

Fig. 8 shows the modification in the reward. Reward now
considers Rpeqx and Ryrger along with a new reward for capacitor
cost, Reos .Constants, m & b are 0.23 and -0.12 respectively
(refer Fig. 7). For ensuring the numerical range of impedance
and cost rewards are similar a ‘scaling factor’ 5 is introduced.
Finally, a ‘priority co-efficient’ « ([0, 1]) is introduced to decide
the importance of impedance vs cost during training. An a of
0.3 was used in the simulations.

RLAgent | 41 =[Cs., Cys oo, Cry Ces Ciss -5 Gy, Cs,] | Environment
DQN PDN
(D Reost = =P[5 b +m(Cy+ C, + C3 + C4 + C5)] ( )
T R = (1= a)(Rpear + Rearget) + @ * Reost Reward

n+1
S1%6

=[C L Gy s Csy Zeud State
Fig. 8. RL model for impedance reduction factoring peak, target impedance

and cost.
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Fig. 9. Episode reward during training considering cost in the reward.

C. Episode Reward and Test Results

Fig. 9 shows the episode reward during training with the
expected trend of increasing reward. The test results for 10 test
runs using agent from Section III and Section IV are tabulated
in Table I. Initial state has the random starting point capacitor
index along with corresponding peak impedance. After the runs
the results from agent in Section III and Section IV are tabulated
to its right. Overall, both the agents meet the target impedance
of 25 m{). In some cases, agent from Section III does not meet
the target impedance. It is observed that this agent learns to
choose capacitor 5 with highest capacitance value nearest to the
SoC load depicting a bias originating due to a local minimum.
This can perhaps be resolved via higher episode count and/or
adding layers to the DQN network. Agent from Section IV
however always meets the target impedance as it is forced to
explore other minima of the overall solution due to additional
cost reward. This agent also has a trend of generally choosing
cheaper capacitors as expected. This can be seen by observing
the sum of capacitor indices. In some cases, at slightly higher
cost the agent from Section IV provides a significantly lower
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impedance peak. Also, at times Section IV achieves an equal or
lower impedance at a higher cost. This can be improved by
increase the value of a in the model.

TABLE L. TEST RUNS ON AGENTS FROM SECTION Il & IV.

# Initial state Agent Section 111 Agent Section IV
Initial Initial Predicted Test Predicted Test
Capacitor Z peak Capacitor Zpeak Capacitor Z peak

Index [mQ] Index [mQ] Index [mQ]

1 [1,1,1,1,3] 52.5 [2,4,1,1,5] 62.63 [1,1,5,1,3] 16.44
2 [44,1,1,11 | 21923 | [44,1,15] 62.6 [4,4,5,2,5] 10.35
3 [1,1,2,5.4] 11.43 [1,4,2,5,5] 9.89 [1,1,5,5.4] 9.95
4 [1,3.4,1,5] 11.62 [1,5.4,1,5] 10.78 [1,3,5,1,5] 10.67
5 [2,1,4,2,5] 11.67 [2,4,4,2,5] 11.29 [2,1,5,2,5] 10.74
6 [3,2,5.3.2] 45.16 [3.4,5.3.5] 10.21 [3,2,5.3.4] 12.03
7 [5,1,1,2,1] | 11246 | [5,1,1,2,5] 27.85 [5,1,5,2,3] 16.24
8 [5,1,4,4.2] 43.37 [5,1,4,4,5] 10.59 [5,1,5.4.4] 10.91
9 [1,3,2,3,3] 27.6 [1,4,2,3,5] 11.78 [1,3,5,3.4] 11.88
10 | [443,1,1] | 176.95 | [4.43,1,5] 11.82 [4,4,5,2,5] 10.35

V. CONCLUSIONS

This paper addresses a common design optimization
problem of capacitor stuffing in a PDN via use of reinforcement
learning. Analysis presented shows how reinforcement learning
can be used to perform impedance peak minimization to meet
target impedance. The contribution also demonstrates
accounting for cost of capacitors in reward function to reduce
both cost and impedance peak to achieve a target impedance.

This work has practical significance as trying out different
decoupling combinations is a cumbersome approach.
Furthermore all PDN network simulations (O ~ »" ) are not
practical in design process. Therefore, the proposed method can
be used for determining decoupling stuffing of PDN. From a RL
model perspective paper proposes a unique approach of saving
previous Zpeqr to speed up training. Finally, it is also shown how
optimization of impedance and cost can be incorporated via
reward function. Future work can include to study trained agent
on degraded PDNs, using more episodes and more powerful
neural net for training and studies involving variation of priority
co-efficient a.
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Abstract— Achieving high speed memory in small form-factor
and low PCB layer count is critical for tablets designs. This paper
reports several practical SI/PI design improvements such as PTH
patterning suited for common memory ball-maps, etc. Simulation
data showing voltage noises and eye diagrams are presented.
Finally, measurement data with speeds of 3200 MT/s are provided
for successful demonstration.

Keywords—memory, LPDDR4x, power integrity, signal integrity

[. INTRODUCTION

Modern tablets have high memory capacity and performance
requirements. Tablet designs are always constrained due to
form-factor (FF) and at times cost constrained depending upon
end device’s business considerations. Therefore, it is imperative
to fully utilize available engineering design resources for
platform electrical solutions.

Memory interface is seeing an increasing trend in transfer
rate mainly driven by the growing demands for higher
bandwidth applications such as video streaming, storage, and
advanced biomedical sciences[1,2,3]. To obtain higher memory
transfer rate compared with reference design requires
improvement in both power integrity (PI) and signal integrity
(SI) solutions. This is always a challenge in tablet designs due
to desired cost savings and to support sustainability initiatives.
This challenge can be addressed by better SI/PI design and take
key inputs into consideration such as modification of printed
circuit board (PCB) to better incorporate the memory ball-maps,
improvements by accounting for JEDEC specs[4], and
employing different stackup approach.

This paper presents SI/PI design results in a type-3 six layers
PCB configuration to achieve LPDDR4x[5] memory speeds up
to 3200 MT/s, a design improvement over reference design, i.e.
type-3 10 layers. The paper is organized as follows. Section II
addresses the problem statement with system targets. Section II1
describes the proposed design improvements. Section IV
provides electrical simulation and memory validation data.
Conclusions are summarized in Section V.
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II. PROBLEM STATEMENT

A. Tablet Design Overview

Tablet designs are constrained due to smaller PCB FF and
cost considerations. This typically makes meeting electrical
design target harder gen over gen due to reduction in PCB FF
and constrained electrical routing due to larger battery size and
reduction in layer count. Also gen over gen the speed targets
increase for all intellectual properties (IPs) making the overall
design challenging.

.......
Cl

DIE

PU

VRMI
(VDD2)

‘ Mem Devl

‘ Mem Devd

| Mem Dev3

‘ Mem Dev2

Fig. 1. PCB overview depicting CPU, VRM and memory devices.

B. System Targets and JEDEC specifications

Tablet system target was to achieve speed of 2933 MT/s
which was based upon a 10 layers reference design. However,
the layer count requirement was achieving the solution in a 6
layers type-3 PCB configuration.

According to JEDEC specification[4], three voltage supplies
namely the VDD2, VDDQ (also common supply to the central
processing unit (CPU) Memory IP) and VDDI are needed to
power the memory devices. VDDQ and VDD1 supplying to
memory devices are low current and are easy to design to meet
specification. Furthermore, the VDDQ is also shared with the
CPU Memory IP and the noise coupling between CPU and
memory devices is mitigated with capacitors placed near the
CPU package (not shown in figure). The focus of this paper is
on VDD2 which is higher in current and hence requires wider
spaces to route the power delivery network (PDN) to meet



JEDEC spec Viuin 0f 1.06V and of V), of 45mV for frequencies
< 20MHz at memory device ball grid arrays.

III. MEMORY DOWN CHANNEL DESIGN

We start by working on the biggest delta of reducing 4 board
layers for the design. Fig. 2 shows the reference design stackup
with 10 layers and the optimized stackup with 6 layers. The
figure also shows the Cu layer assignment for power (both
VDD2 and VDDQ) and signals. As VDD is low current, it can
be routed as narrow plane and where space is available.

Signal
Core

Signal
e s

,,,,,,,,,,,,,,,,,,,,,

Layer reduction

Fig. 2. PCB stackup: 10 layers reference design and 6 layers optimized design
with dual stackup strategy.

It was observed from the reference design the plated through
hole (PTH) patterns can be further improved for better PDN
quality for the type-3 board — this is depicted in Fig. 3. The signal
design was improved with clean linear routing in order to avoid
transition and length asymmetry (see Fig. 4). After changes a
better SI/PI optimized PTH pattern and surface layer routing was
engineered.

T

Fig. 3. Comparison one memory device routing and the improved type-3 PTH
patterning for better SI/PI (VDD2 is output of VRM1, see Fig. 1).

<VDDO Enir]

g

[1
(b) Optimized Design

(a) Reference Design

(b) Optimized Design

(a) Reference Design

Fig. 4. PCB surface optimized signal routing.

Dual stackup studies, i.e. regions of PCB to have different
routing for different interfaces, were performed. In particular,
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stackup assignment under CPU and memory devices were
changed to enhance the memory signalling. Finally, prepreg
thickness reduction investigations were made to study trade-off
between crosstalk and impedance.

IV. SIMULATION AND VALIDATION RESULT

This section features electrical results from the layout
changes described in Section III including the post-silicon
validation data. Electrical studies gave sufficient confidence to
adopt the design changes.

A. Memory Device Power Integrity

Simulations were performed to study the power integrity
differences between 10 layers and 6 layers PCB with dual
stackup, as shown in Fig. 2, and the PTH optimization, as shown
in Fig. 3.

Fig. 5(a) shows the simulation setup for AC and transient
analyses using the analog circuit simulator HSPICE. The PDN
is modeled as a sub-circuit s-parameter (for AC) and SPICE
netlist (for transient) extracted from the physical layout using the
Cadence Sigrity PowerSI. We excite the PDN by drawing
current at the four memory devices. Fig. 5(b) shows the
impedance plots comparing the 6 layers with 10 layers PDN
designs. We can immediately see the degradation in the low
frequency or DC-region of the plot. This is due to loss of Cu
layers. This however does not manifest in memory speed
degradation due to three reasons: (a) the modeling of Icc(t)
(current load) uses a burst-idle-bust (BIB) pattern at the highest
PDN peak[6] which does not factor DC, (b) DC degradation
manifest in lower nominal DC voltage due to delta from the
voltage regulator module (VRM) sense to the load, this is
typically low for memory PDN due to lower current draw
compared to other high current power supplies like cores and
graphics and (c) JEDEC requirements are from DC to 20MHz
range[4] where decoupling can be adjusted to minimize the
impact.

6L 10L

_ Impedance [mQ]

VRMI
(VDD2 = L1V)

Freque‘;lcy [Hz] -

(a) AC and transient simulation setups. (b) Impedance plots comparing 6 layers
with 10 layers designs.

Fig. 5. Power integrity simulation setup and impedance data.

Fig. 6(a) & (b) show the verifications using transient
analyses with BIB patterns at 3.6MHz (worst-case) and 20MHz
frequencies. Here current is applied for each of the four memory
devices simultaneously. The transients showed the worst-case
scenario is still within the JEDEC specifications.
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(a) Transient plot with 3.6MHz BIB
pattern.

(b) Transient plot with 20MHz BIB
pattern.

Fig. 6. Power integrity transient data.

B. Memory Device Signal Integrity

For the tablet design it was obvious to use optimized strategy
with PTH patterning and signal routing. With such optimization
in a 6 layers configuration and the adoption of the dual PCB
stackup, investigations showed the signal eye diagram is
meeting JEDEC specification as shown in Fig. 7(a). Fig. 7(b)
shows the improved eye-height and eye-width margins with
reduction in di-electric thickness, which is an advantage to
thinner tablet design. This finding is consistent with memory
channel expectation of being cross talk limited.

WC SU = 121677 WC HD = 9.2424 WC VML = 26.1238 WC VMH =25.909  WC SU = 16.1686 WC HD = 12.2687 WC VML = 35.6669 WC VMH = 35.7247
00
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5 ; \ 5 \
£ \fTEDEC)\/ < /s
§ AL spee I g AL spec 1)
3 /™ 2N 3 Y f:
2 AL 2 S
- / \ / TN
200
/ X Vi \
— / N
300 7 S £
40 400
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(b) Further reduction in di-electric

(a) 6 layers with optimized PTH, signal
thickness.

routing and dual stackup strategy.

Fig. 7. Signal integrity simulation data.

C. Validation Data

Validation data at 2933MT/s with all memory stress tests
performed showed good eye openings for both DQ WRITE and
READ modes with lower margins seen at READ and therefore
being the limiter in the design. READ mode is largely dependent
on the DRAM devices used and therefore the eye performance
varies from one device to another. Additional validation data
shows the speed can reach the highest speed with stability at
3200MT/s.

The validation coverage was limited and did not cover all the
process, voltage and temperature (PVT) corners, but all memory
stress tests were performed. The available data showed good
passing of eye margins up to 3200MT/s for all four memory
devices.
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Fig. 8. Tx eye diagram for 4 memory devices.
i £ i
(a) 2933 MT/s (b) 3200 MT/s

Fig. 9. Rx eye diagram for 4 memory devices.

V. CONCLUSION

This paper presents memory electrical design details for a
tablet FF system. Design modification, simulation results and
validation results are reported with type-3 six layers PCB.
Memory interface was successfully demonstrated to achieve
speeds of 3200 MT/s.
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Abstract— In this paper, the coaxial and shielded-twisted pair
(STP) cables with intra-pair skew was analyzed by frequency
domain analysis method by the equations in close-to-real intra-
pair skew setup for high definition multimedia interface (HDMI)
interface. For the high-speed interface, the intra-pair skew has
become critical factor in terms of signal integrity. Heretofore, the
intra-pair skew has not been commonly investigated in frequency
domain for the high-speed data rate. To verify the intra-pair skew
impact on the high-speed interface, the intra-pair skew location
was distributed in the coaxial and STP cable assemblies for the
real cable setup. Next, the skew impact was verified using
frequency domain analysis and the eye-diagram. As the result, by
the frequency-domain analysis, the differential loss and the mode
conversion of coaxial cable assembly deteriorated due to the intra-
pair skew, but STP did not deteriorate. Furthermore, the eye-
diagram of the coaxial cable assembly with skew had smaller
opening than without any skew, but of STP had little change.

Keywords— Eye diagram, Mode conversion, High definition
multimedia interface (HDMI), High-speed cables, High-speed
interface, Intra-pair skew, Signal integrity,

I. INTRODUCTION

Recently, the display market such as 4K/8K/Smart TV and
high-end portable laptop has increased dramatically for the
demand of high-quality video by the consumers. In market,
high definition multimedia interface (HDMI) cables are
commonly used for the TVs and the laptops. For 12 Gbps
HDMI 2.1 interface, signal integrity (SI) performance has to be
guaranteed to transfer data without bunch of distortion. A few
of general SI performance criterion are insertion loss, crosstalk,
electromagnetic interference and so on [1], [2]. Nowadays, the
intra-pair skew has become one of the critical issues since the
data rate has increased. Therefore, it is invaluable to analyze the
intra-pair skew impact on high-speed cables for HDMI
interface and the developing next-generation interfaces.

The definition of intra-pair skew is time gap between P and
N channel. The intra-pair skew is occurred in unbalanced signal
pair caused by inhomogeneous dielectric material, length
difference, weave effect and so on [3], [4]. Since the intra-pair
skew causes fatal mode conversion, the electrical performance
has been distorted as the data rate has increased. To verify the
intra-pair skew effect on high-speed serial link interface,
various research has been proposed and investigated [3-7]. The
previous works verified severe effect of the skew impact on
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Fig. 1. (a) The model of the shielded-twisted cable (STP) and the coaxial cable
for the intra-pair skew analysis in the frequency domain and the eye-diagram.
(b) The intra-pair skew was distributed in the STP and coaxial cables for close-
to-real setup. In real case, the intra-pair skew was not located either end of the
cables as a lumped skew.
high-speed serial link in frequency and time-domain. However,
most of studies did setup the skew as a lumped skew which was
located either end of the cables. Furthermore, the tendency of
the skew in frequency domain was not clarified on the previous
papers. And the characteristics of coaxial and STP cables for
the interfaces were not compared in the other papers. Therefore,
it is necessary to scrutinize the electrical characteristic of the
coaxial and STP cables and the intra-pair skew impact on high-
speed serial interface such as HDMI.

In this paper, the electrical characteristic and eye-diagram of
the coaxial and STP cables were verified with the intra-pair
skew in frequency and time domain. The coaxial and STP
cables were designed using HFSS 3D simulation tool shown in
Fig. 1(a) for the accurate close-to real skew generation. In
addition, in Fig. 1(b), the skew was distributed on the cables for
the real unbalanced cables. Therefore, the intra-pair skew
impact on the both type of HDMI cables was compared and
verified by using the accurate setup and method.



II. FREQUENCY-DOMAIN INTRA-PAIR SKEW ANALYSIS AND
EYE-DIAGRAM OF COAXIAL, STP CABLES AND ASSEMBLIES ON
HDMI INTERFACE

As depicted in Fig. 1(a), the model of the coaxial and STP
cables are designed by the parameters with 50 Q matching. The
coaxial cable had smaller diameter (39 AWG) than the STP
cable (36 AWG) for coaxial cable’s flexible and thin
characteristics. Therefore, for the precise comparison of each
cables, the coaxial cable and the STP cable were designed as
2 m and 4 m respectively to have similar insertion loss.

The skew value was designated as about 40 ps which is 0.5
UL 1 Ul is 83.3 ps for 12 Gbps of HDMI 2.1. Fig. 1(b) shows
that the intra-pair skew was located between the segment of
each cables. Since the skew was distributed and segment length
of cables was 0.1m, each skew level was 2 ps and 1 ps for the
coaxial and STP cables respectively.

For the frequency-domain analysis, the equations for the
skew calculation is needed. As port is depicted in Fig. 1(b),
S2d1 means that relationship between incident differential
wave at port 1,3 and received single wave at port2. S4d1 has
same meaning instead of single wave port4. S2d1 and S4d1 is
called the modified mixed-mode insertion loss. The equations
are derived from the modified mixed-mode S parameter [5-7].

1
7 (D

1
NG 2
S2d1 and S4d1 contain the coupling information between P and
N channels. Therefore, to calculate the intra-pair skew between
P and N channels, the skew is calculated from the phase
differences between S2d1 and S4d1.
—unwrap(phaserad(S2d1)

52d1=——(521-523)

S4dl=——(543-S41)

4(f)= 5
zf
6 = —unwrap( phas?rad (S4d1) 3)
2rf

Skew(f) =1,(/)=t,(f)

For the differential loss of 4 port transmission line, the loss
can be written as (4) using equations (1), (2).

SDD21= %qsqu +|S4d1))-cos(x - f - skew([))  (4)

1
2 - skew(f)

The resonant frequency of the dip on SDD21 can be estimated
using the equation (5) when the intra-pair skew is happened.

Fig.2 shows the intra-pair skew impact on the coaxial cable
and STP cable. Fig. 2(a) demonstrates the coaxial cable with 40
ps skew had constant 40 ps skew in frequency-domain. In
addition, the cosine equation (4) had zero value at 12.78 GHz.
At this frequency, SDD21 of the coaxial cables with the skew
had a resonant dip which magnitude was even -65 dB.

In contrast, in Fig. 2(b), the intra-pair skew in frequency-
domain of the STP cable represented 40 ps value only at DC
frequency and approached to zero value with fluctuation. Due
to the tightly-coupled characteristic between P and N channels

SDD21 =0 if f = (5)
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Fig. 2. Frequency-domain analysis of 40 ps intra-pair skew on (a) coaxial and

(b) STP cables only.

0 5 25 30

in STP cable, the intra-pair skew was coupled to the other
single-ended channel and the phase difference of modified
mixed-mode insertion loss became zero. Furthermore, the value
of cosine had constant 1 value in all frequency range. Therefore,
SDD21 without and with the intra-pair skew were same.

Fig. 3 shows the differential loss and the mode conversion of
the coaxial and STP cable assemblies with connectors when
40 ps skew is implemented or not. As shown in Fig. 3(a),
SDD21 of the coaxial cable with the skew had large dip at 12.78
GHz which was calculated using the equations and verified in
Fig. 2. Besides, since the cables were made in unbalanced cable,
the mode conversion level increased by the intra-pair skew. On
the other hand, SDD21 of the STP cable assembly did not have
any dip and was not distorted by the intra-pair skew. In addition,
even the STP cable was being unbalanced cable by the adding
skew, the mode conversion had little change compared to the
mode conversion without the skew.
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Fig. 3. Frequency-domain analysis of 40 ps intra-pair skew on (a) coaxial and
(b) STP cables assemblies.

For eye-diagram simulation of HDMI interface, ADS circuit
tool with 1-tap DFE adaptation and Continuous Time Linear
Equalization (CTLE) function was used. As shown in Fig.4, in
the coaxial cable assembly case, the eye with the skew had
smaller eye opening than the eye without the skew due to the
decrease of SDD21. The eye width and height were decrease by
7 ps and 77 mV respectively. In contrast, the eye opening of the

STP cable assembly did not have change depending on the skew.

III. CONCLUSION

In this paper, the coaxial and STP cable model were
proposed and used for the accurate intra-pair skew generation
and unbalanced cable design. The intra-pair skew was located in
distributed position between the each segment of the cables for
the real cable skew cases. For the coaxial cable, due to
uncoupled characteristic of the cable, the intra-pair skew
represented in frequency-domain and demonstrated that the
differential loss, mode conversion and eye-diagram was
degraded. For the STP cables, even the intra-pair skew was
implemented to P channel, it seemed there were not any skew in
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Fig. 4. The eye diagram of the coaxial and STP cable assembly with intra-pair
skew and without intra-pair skew.

cables. It was verified that the intra-pair skew fluctuated in
frequency-domain and approached to zero value. Furthermore,
the eye-diagram was not distorted by the skew.
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Abstract— With increasing bandwidth and higher
transmission data rates in each generation, routing density in
motherboards especially under module area have also increased
proportionally. Maintaining signal integrity of high-speed
channels under such dense routing conditions is becoming more
challenging in each new product generation. This paper shows
how via to trace coupling in under LGA area can give rise to
increased NEXT values thereby causing channel margin loss and
failure at high data rates.

I. INTRODUCTION

In every generation of server computers, high speed buses
evolve drastically with increasing speeds of operation and larger
data bandwidths. With higher operating frequencies in each
generation, as the structural dimensions become proportional to
the wavelengths, many propagation effects through PCB
laminates, factors which could have been ignored as higher
order effects only one generation prior become serious
constraints, e.g. see [1]. In a high-speed channel’s physical
design, maintaining signal integrity involves controlling these
major aspects like loss, impedance match, noise immunity and
crosstalk. Dense wiring areas especially through via fields need
to be carefully planned as crosstalk becomes more likely and can
cause channel failure without upfront mitigation through design
rules and this has been an active field of research [2],[3].
Coupled noise increases with frequency and becomes a
fundamental barrier towards maintaining the desired data rates
at the acceptable bit error rates and jitter tolerances. This paper
focuses on a specific type of near end cross talk effect (NEXT).
The authors show how coupling effect from a field of aggressor
differential via pairs to a differential stripline victim trace could
easily stifle channel performance. While the effect is expected,
the denser layouts needed to handle larger number of high-speed
lanes in successive generations in addition to higher speeds of
operation make such crosstalk coupling scenarios almost
inevitable and some investigations are being seen in recent
literature [4]. Studies like in this paper provides some baseline
to make decisions and rules of thumb on how much coupling
may be allowed in the layout while still maintaining signaling
performance goals. This can be useful towards cost control
during the layout phase. The effects shown here would depend
very much on the topology and each scenario in successive
generations would need detailed analysis to avoid potential
channel failures in future high-speed channels. As such, studies
like this will become an important part of the PCB design
process in successive generations.
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Figure 1. Topology of a 32 Gb/s CPU to CPU high speed channel.

II. CROSSTALK FROM VIA TO TRACE COUPLING

In this paper the authors show the effect of crosstalk
coupling from a via-field of aggressors to a victim differential
trace. We consider here a generic topology where signaling
occurs between two processors on a motherboard. A cartoon
representation of the topology is shown in Fig. 1. The victim net
carries the signal from CPU1 (TX side) to the CPU2 (RX side).
The path includes package wiring, HLGA transition into PCB
and under package area wiring on both TX and RX side CPUs
and PCB open area wiring in between. The aggressor nets start
at the opposite side CPU2 i.e., receiving end of the victim signal
and end at CPU1. The coupling and crosstalk which is the focus
of this study occurs at the victim net’s receiver side pin area
wiring under the package where the victim is made to pass
through a via field of aggressor differential pairs inducing a near
end crosstalk coupling to the victim trace near its receiving end.

This channel was modeled and simulated to see the crosstalk
effects. Further, a test setup representative of the above topology
was also used to generate experimental data and perform some
qualitative correlations. The modelling and measurement results
are presented in the following sections.

III. MODELING & SIMULATION STUDIES

The modeled topology included the following: 30mm of
package wiring at CPU1 side; the PCB wiring was done on
Megtron-6 like material with total length of 15.7”. Of that, 0.4”
of wiring was in the under-package pin area at CPUI and 1.7”
in the under-package pin area under CPU2. The PCB had PTH
vias with maximum stub length of 15 mil. The crosstalk effect
studied occurs in the latter pin area of the victim’s receiver side.
Finally, there is about 40 mm of package wiring at CPU2 side.

Processor Pkg PCB Vias



Full channel 3D modeling was done using ANSY'S HFSS. Each
subsection mentioned above were modeled separately and then
s-parameters were cascaded to generate the full channel model.
In this topology, the operational data rate was 32 Gb/s, hence the
fundamental frequency is 16 GHz. The s-parameters were
generated from 20 MHz to 50 GHz, in steps of 20 MHz. Thus,
the model captures the signaling effect up to the third harmonic.
The full channel had one victim differential pair, eight
differential pairs as far end crosstalk (FEXT) aggressors and
another nine differential pairs as near end crosstalk (NEXT)
aggressors. All the differential pairs were designed with the
target onboard differential impedance of 85 Q. The differential
insertion and return losses (DIL and DRL respectively) of the
victim channel have been plotted in Fig. 2. At the operating
frequency, the DIL of the channel is 24.6 dB.

The victim net is made to pass through a via field of nine
differentially paired NEXT aggressors as shown in the Fig. 3
below. This occurs at the under-package pin area at the receiving
end (CPU2). The aggressor vias have a breakout layer lower
than the victim trace layer in the PCB. Ideally such via fields
need to be avoided completely. However, in a tightly packed
escape region, in practical scenarios complete bypassing may be
unrealizable due to the combined global constraints which are
applicable while designing the PCB layout. It would be
interesting to know how many such via pairs could be
encountered by the victim channel before its performance
breaks.

Frequency Response fners
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-60.00 iLinearFrequency

-50.00

Curve Info

-70.00 ‘ Diff Return Loss
iLinearFrequency
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T T T
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Freq [GHz]

30.00 50.00

Figure 2. Frequency response of the victim channel

The structure in Fig. 3 was modelled in HFSS to calculate
the crosstalk coupling from the via pairs to the victim in this
section. This effect is shown in Fig. 4 where the power sum of
near end crosstalk (PS_NEXT) from this section is plotted as the
aggressor via pairs are turned on sequentially. As expected, the
PS NEXT from the via field can be seen to proportionately
increase as the via pairs are sequentially turned on. This increase
in PS NEXT would have negative effect on the channel
performance. To capture the extent of this degradation on the
actual performance, a time domain transient simulation was
performed on the full channel to observe the effect on the eye
opening.
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As mentioned earlier, the s-parameters for the full channel
were generated through 3D modeling. These were then used in
IBM’s proprietary tool HSSCDR to perform time domain
simulations and obtain eye opening values. To maximize the eye
opening, the transmitters have FFE equalization (with 2 taps
including 1 precursor) while the receiver has CTLE and DFE
capabilities. The simulation was performed in statistical mode
and the eye openings were recorded at a bit error rate (BER) of
107'5. There were 32 CDR steps per unit interval.

The NEXT aggressors were turned on sequentially. Eye
simulations showed a proportional decrease in the eye opening
as the aggressors were sequentially turned on. With a single
aggressor turned on, the horizontal eye (Heye) opening was
33.2%UI. The eye margin reduced by about a percentage each
time a new aggressor was turned on. With all the NEXT
aggressors turned on simultaneously the horizontal eye opening
reduced all the way to 25.2% UI. The crosstalk from the HFSS
model thus shows direct correlation with the full channel time
domain eye simulation values. The simulation results, i.e. the
eye margin values are tabulated in Table-1 below.

Generally, this eye reduction value would depend on the
relative strength of the victim and aggressor signals. In long and
lossy channels, the NEXT aggressors would be stronger, and it
would be expected that the %UI reduction per via pair would be
larger. The converse would also hold true. More importantly,
based on a specific topology, such a scenario can be modeled
and simulated to estimate the eye-opening reduction per via pair
and wiring guidelines could be created on how many via to trace
couplings could be allowed in a given topology during the PCB
physical design phase.

Aggréssor ¥ia pairs

LB BT

dop view

¢ V/ictim net through
aggressor via field

Figure 3. Victim channel (differential trace) passing through a via field of
aggressors at the receiver side pin area wiring under CPU package. The
victim passes in between the ‘p’ and ‘n’ vias of the differential aggressor
nets

IV. MEASUREMENTS

The experimental setup used to perform a qualitative
evaluation of NEXT coupling from via pairs to the trace is
described in this section. To generate the measurement data, a
setup similar to that shown in Fig. 1 was used. At the receiver
end (CPU2), bathtub curves were collected and compared for
two scenarios: a) once with the NEXT aggressors turned off and
then b) with all NEXT aggressors turned on. The FEXT
aggressors remain turned on in both cases. The eye opening is
measured in terms of ‘open ticks’. In this setup, 64 ticks



represent a 100%UI Heye opening, thus having 63 steps in a unit
division and the available resolution (of Heye opening) is
~1.6%UI per tick or division.

Power Sum of Cross-talk

-20.00
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-40.00
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1 4 1 Aggressor sequentially
2 .50.00 [ ON

60.00f

T T T
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16.00

Figure 4. Power sum of crosstalk as via pairs are sequentially incorporated
into the power sum.

Table 1 Eye simulation results: Heye progressively decreases as NEXT
aggressors are turned on sequentially

No. of Horizontal Vertical
Aggressor via | eye width | height (mV)
pairs turned on (%UD)

0 33.2 51
1 32.1 49
2 31.1 46
3 30.2 44
4 29.3 43
5 28.3 42
6 27.4 40
7 26.3 38
8 25.2 35

The measured bathtub curves are plotted together in Fig. 5
below. The x-axis represents the measured time steps at the
receiver CPU2 (‘open ticks’). Without the aggressors turned on,
the bathtub showed 12 ticks at BER-12, which equates to a 19%
Ul Heye opening. With all the NEXT aggressors turned on, the
bathtub shows about 6 ticks which would equate to 9.5%UI
Heye opening. It is worth noting that in the bathtub curve with
all aggressors ON, there is no data point recorded at BER-12
which suggests that no bit error was reported at that level. Hence
the nearest available datapoints to BER12 level were used to
calculate the minimum horizontal eye width from the bathtub
curve. The drastic eye reduction is caused by the crosstalk
coupling from the via field of aggressors to the victim trace. The
effect is magnified as the aggressors are ‘near end’, being
located at the pin area near to the receiver (CPU2) of the victim
channel. Thus, at the coupling area, the aggressor signal strength
is stronger than the victim signal. Also, turning all the aggressors
on, the total Heye reduction was about 9.5%UI meaning about
1.05% horizontal eye reduction occurred per aggressor being
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turned on. This follows very closely the pattern observed in the
simulation results which showed about 1%UI Heye margin
reduction per aggressor.

Bath Tub Curves at Victim RX
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Figure 5. Experimental data: Bath-tub curves are shown at victim channel’s
receiver end with and without tuning on the via field of NEXT aggressors.

V. CONCLUSION

This study showed the effect of near end crosstalk from via to
trace coupling on a high-speed channel. The study was
performed at 32 Gb/s data rate. With increasing operational
bandwidths and data rates, the crosstalk from via to trace
coupling has increased impact on the eye margins especially if
the coupling occurs near the receiver end. The effect on eye
opening is studied when the victim trace passes through a field
of aggressor differential vias in the pin area wiring under its
receiver CPU package. The effect will depend on multiple
factors, such as the relative signal strengths of victim and
aggressor signals, escape layer arrangement between the
aggressors and the victim trace, the topology of the high-speed
net, data rates of operation etc. As wiring density increases with
each generation, sometimes avoiding such via fields become
hard to implement. Modeling and simulation studies become
important to determine the extent to which such via to trace
coupling can be tolerated while maintaining the target channel
performance.
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Abstract—This paper demonstrates a method to extract
impedance-attenuation corners of a stripline with user-prescribed
confidence levels. This is done using a sparse-grid-based surrogate
model to quickly generate vast Monte Carlo datasets from which
the impedance-attenuation distribution is calculated. Ellipses are
fit to this distribution as equi-density contours to enclose a
proportion of the solution data. Appropriate corners can be
read off these ellipses and applied to broadband simulation.
The results are compared against three measured test coupons,
showing capability to analyze a PCle Gen. 5 link. Realistic
modeling of geometries and material variations is emphasized.

Index Terms—corner model, sparse grid, Monte Carlo

I. INTRODUCTION

Electrical interconnect performance is becoming increas-
ingly difficult to characterize and control as the demand for
fast data rates grows. Imperfect manufacturing processes
lead manifested designs to not possess their intended physical
properties and provide uncontrollable variation in performance
characteristics. Interconnect characterization based on the
nominal design is thus unrealistic. The worst-case behavior
can be studied but represents a performance outlier. Corner
modeling is a way to capture realistic variation from the
nominal behavior. Current corner modeling algorithms rely on
fast but unreliable boundary scan methods or expensive Monte
Carlo (MC) procedures [1], [2].

The method proposed by this paper combines the best of
both approaches by creating a surrogate model that accurately
and efficiently maps cross-section and material parameters to
corresponding attenuation and impedance («, Zy) values. This
model is used to generate vast amounts of MC data, which is
then binned into a 2D density. Ellipses centered on the nominal
solution are fit as effective equi-density contours using an iter-
ative algorithm. The high/low impedance/attenuation (HZLA,
LZLA, HZHA, LZHA) corners can be read from the contour,
and the corresponding parameter configurations can be found
easily. They are then inputted to Ansys 2D Extractor for
broadband S-parameter extraction and eye diagram simulation.

Section II introduces the EM simulation methodology, the
surrogate model development, the contour fitting and the
corner identification algorithm. Section III discusses the results

This material is based upon work supported by the National Science
Foundation under Grant No. CNS 16-24811 - Center for Advanced Electronics
through Machine Learning (CAEML) and its industry members.
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of the procedure and the eye characteristics of each calculated
corner, with concluding remarks offered in Section IV.

II. THE CORNER MODELING PROCESS
A. EM Simluation & Parameter Variation

The corner location procedure will be done using both a
single-ended and a differential stripline, defined in Table I and
Fig. 1. These models are solved with Ansys 2D Extractor at a
single frequency to extract the RLGC parameters. The single-
ended line’s attenuation « and characteristic impedance Z
can be calculated at solution frequency f = 20GHz via

a=Re[(R+ jwLl)(G + jwC)], (1)

2

where w = 27 f. The differential impedance for the two-line
structure is found by extracting RLGC for the left half of
Fig. 1(b) and doubling the calculated impedance from (2). The
attenuation is found directly from (1). Placing a conducting
boundary as shown rejects all common-mode fields.

The 2D models are built to reflect consequences of realistic
manufacturing procedures, including a trapezoidal conductor
with angle ¢ to model chemical etching effects and holding
pitch s+ w constant due to tight photolithography tolerances.
The dielectric constant ¢, and tangent delta tan § were mea-
sured at 20GHz using short pulse propagation (SPP) [3].

A parameter ¢ with a symmetric tolerance £ = p £ 30
is modeled as a Gaussian random variable with mean p and
standard deviation o, i.e. a parameter’s tolerance represents its

Zy =Re[(R+ jwLl)/(G + jwC)],

TABLE I
PARAMETERS & TOLERANCES
Name Symbol Nominal Tolerance Unit
Perm. €r 3.25 +0.25/-0.15 -
Loss Tan. tan o 0.00325 | +0.0024/-0.0020 -
Thickness t 0.6 +/-0.1 mil
Width w 4.7 +/-0.6 mil
Prepreg size h1 4.2 +/-1.0 mil
Core size ho 4.0 +/-0.7 mil
Pitch s+w 9 -* mil
Gnd. width Wynd 200 - mil
Gnd. thick. tgnd 1.2 - mil
Edge angle o) 78.23 - deg
Cu resist. P 1.9 - pf2-cm

*A dashed tolerance represents a fixed parameter.
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Fig. 1. Cross section of single-ended (a) and differential-mode (b) striplines.
Conducting boundary can be used for efficient differential-mode impedance
extraction.

3o value. Asymmetric parameters, e.g. £ = p+302/—307, are

modeled with a modified Gaussian distribution, characterized

by probability density function with a spread of oy below and

o2 above the center value u:

(u—p)?
20% ’

_ (u—p)?
20’% ’

2 u <,

(o1 + Uz)m

exp

f(u) 3)

exp u > U

B. Sparse Grid Surrogate Model

Surrogate modeling provides a way around the computa-
tional expense of MC simulation. The Tasmanian software
package allows creation of such a model based on sparse
grid collocation [4]. The sparse grid is a set of points in the
design space that serves as a high-dimensional interpolation
grid. Simulations can be run for each point in the grid, and the
results can be interpolated. This interpolation can be evaluated
in a split-second, and yields a good approximation to the 2D
simulation of the same input. Details can be found in [5].

Interpolations for o« and Z; at 20GHz are formed by
simulating RLGC for each point on the sparse grid with
2D Extractor and interpolating the calculated (o,Zy) over
the sparse grid. Several surrogate models were tested against
4,000 MC datapoints, which each model computed in less than
110ms with mean errors less than 1% and 0.1% in « and Z,
respectively, demonstrating the sparse grid’s reliability. The
selected model used a precision 3 ‘level’ grid based on the
Clenshaw-Curtis rule, taking 389 simulations to form, which
is a one-time cost similar to a boundary scan [1].

C. Fitting the Equi-Density Contour

Locating the corners begins by first finding the distribution
of (a, Zp) based on parameter values from Table 1. This is
done with a massive MC batch to be run with the surrogate
model. This paper uses two million samples, a job that would
take 2D Extractor days to calculate but the surrogate model
can perform in seconds. The distribution can be approximated
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by binning the (o, Zy) scatter data into n, x n, = 200 x 200
cells and counting the number of solutions lying within each
cell. The resulting density histogram resembles a hill peaking
near the nominal solution. The shape and orientation of the
distribution is due to the near-Gaussian input parameters
and the slight nonlinear dependence of («, Zy) on the input
parameters. This histogram can be characterized by equi-
density contours, as in a topographical map. The histogram’s
shape suggests the ellipse as a good equi-density contour.
Three coordinate systems are defined to help identify the
ellipse: (a, Zp) is the main working system, (z, y) results from
centering and normalizing («, Zy), and (n,v) is a version of
(x,y) rotated by 0 so the n axis aligns with the semimajor
axis of the ellipse, as summarized in (4) and (5). Attenuation
and impedance ranges are denoted A« and AZ.
).

=i ) ().
() () () ()-n() o

The ellipse will lie in («, Zp) space centered on the nominal
solution (@nom, Z0.nom ). Its orientation can be found by first
specifying a threshold percentage of the peak density, like an
equipotential contour on a topographical map. A sweep of
the angle from the z-axis, 6, tracking the distance r to the
prescribed threshold in (z, y)-space is fit into (6). The tilt angle
6 and semimajor/minor axes a and b thus can be recovered.

n sin? (6 — 6;)

( )

This procedure is iterated by lowering the threshold until
the ellipse encloses a certain proportion of the solution data,
i.e. a given inclusion rate. A solution’s inclusion within the
contour can be tested by evaluating the face equation of (7)
after appropriate transformation to (7, v) using (4) and (5):

0
AZO/ny

—sinfy
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2 2
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D. Corner Identification

2 2
LYoo,

face:
a? b2~

contour:

(7

The corners can be read off this ellipse through any desired
means. This paper employs a procedure based on [1]. The
ellipse can be bound by a rectangle sharing its extreme o and
Zy values, i.e. @ = opom 00, Zy = Zypom £ 0Zp. The
impedance is then scaled by C' = da/§Z; after shifting to the
origin, which stretches the rectangle into a square of length
26 and scales the ellipse impedance extrema to +da. The
corners are read as each intersection of the ellipse and the
diagonals of the square, reverting to («, Zy) using the scaling.

III. NUMERICAL EXAMPLES

The procedure outlined in Section II was applied to single-
ended and differential models with 1o, 20 and 3o inclusions
(68%, 95% and 99%). The corners were located using the
scaling method, as shown in Fig. 2 for the 30 differential
case. The three differential-line ellipses are shown with the



MC scatter data in Fig. 3. Table II lists the parameters for each
30 corner, each behaving as expected; low-Z corners share
high widths, low-A corners share low loss tangents.

Three test coupons were measured for model validation. The
(a, Zp) of each coupon was found using VNA measurements
and simulated TDR, and are plotted in Fig. 3. Each fall within
the 20 contour, demonstrating the inclusion as a confidence
in the performance of a manufactured board. The four 3o
corners were run in a broadband simulation to compute their
S-parameters as 7cm lines. The dielectric was modeled with a
multipole Debye fit based on measured data [6]. The insertion
losses of each model, summarized in Table III, are compared
at the fundamental frequencies of PCle Gen. 4 and 5 (8
and 16GHz, respectively), and the material characterization
frequency of 20GHz. The corners form a bound on the
insertion loss, bounded below by HZLA and above by LZHA.

The eye was simulated using a PRBS-23 sequence with a
rate of 32Gbps and a 7ps rise/fall time, to emulate the line as
a PCIe Gen. 5 link. The results are summarized in Table IV.
The high-A corners showed the smallest eye heights. The eye
width sensitivity is accentuated by the line length, showing
low sensitivity in general. A similar bounding on the eye
characteristics based on the inclusion level is expected.

—~ 1

g
~

o)
Z, 0.5
— Density contour
g 0 - = Bounding square
s YN T e Diagonals
No e Corners

I -0.5

(=}
o
O -1

-1 -0.5 0 0.5 1
o — Qpom (Np/m)
Fig. 2. Differential-line 3o-inclusion ellipse and bounding square in

scaled/centered attenuation-impedance space.
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IV. CONCLUSION

The proposed corner modeling scheme is capable of charac-
terizing PCle Gen. 5 interconnect performance. A well-trained
surrogate model makes the process as expensive as a boundary
scan. The scheme offers flexibility in the precise control
of the inclusion rate. The simplicity of the contour choice
allows for easy implementation while maintaining accurate
results. Further work may include a more robust density-
finding algorithm based on kernel density estimation.
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TABLE 11
30 CORNER PARAMETER CONFIGURATIONS
Param. €r tand t w h1 ho
Unit - - mil mil mil mil
Differential (fixed 9mil pitch)
HZLA 3.25 | 0.00170 | 0.607 | 447 | 5.25 | 4.15
LZLA 323 | 0.00159 | 0.689 | 498 | 3.79 | 4.13
HZHA 322 | 0.00503 | 0.591 | 442 | 445 | 424
LZHA 3.26 | 0.00449 | 0.605 | 4.82 | 3.29 | 4.07
Single-Ended
HZLA 3.12 | 0.00190 | 0.633 | 443 | 4.66 | 4.20
LZLA 3.34 | 0.00155 | 0.576 | 5.11 | 3.80 | 4.20
HZHA 343 | 0.00472 | 0.650 | 443 | 478 | 4.56
LZHA 3.23 | 0.00461 | 0.646 | 4.80 | 3.36 | 4.10
TABLE III
INSERTION LOSS COMPARISON AGAINST MEASUREMENT
Insertion loss (dB)
f 30 Corners Measured
(GHz) HZLA | LZLA | HZHA | LZHA #1 #2 #3
8 1.15 1.42 1.36 1.67 1.31 | 1.30 | 1.26
16 1.82 2.20 2.21 2.69 2.13 | 2.08 | 2.06
20 2.14 242 2.65 3.02 252 | 244 | 245
TABLE IV
EYE CHARACTERISTICS OF 7CM & 20CM LINE
7cm line 20cm line
Height (mV) | Width (UI) | Height (mV) | Width (UI)
Nominal 379.34 0.9202 247.58 0.7545
HZLA 385.15 0.9261 260.61 0.7725
LZLA 368.73 0.9202 242.02 0.7345
HZHA 347.85 0.8603 213.38 0.7345
LZHA 355.33 0.9022 180.10 0.6826




Fast LDO Simulations via Parameter-Varying
Linearized Macromodels

Tommaso Bradde, Stefano Grivet-Talocia
Dept. Electronics and Telecommunications, Politecnico di Torino, Italy
tommaso.bradde@polito.it, stefano.grivet@polito.it

Abstract—An approach for generating time-varying linearized
macromodels of analog circuit blocks is presented. These models
can be used to perform fast small-signal analyses characterized
by nonstationary operating conditions, thanks to their certified
stability. We validate the proposed approach by performing post-
layout simulations of a Low DropOut (LDO) voltage regulator,
in view of power integrity assessment applications.

I. INTRODUCTION

Analog Circuit Blocks (CBs) are fundamental components
in virtually all electronic systems. When considered in ad-
vanced design stages, the behavior of these components is
properly described in terms of large equivalent netlists that
must take into account both the semiconductor models and the
electrical characterization of the parasitics due to the circuit
layout and packaging. As the number of CBs involved in
modern Systems-on-Chip (SoC) and Systems-in-Package (SiP)
is usually large, straight exploitation of such accurate yet
complex descriptions within system-level simulations is often
unfeasible due to an excessive computational cost. Thus, the
availability of behavioral models for this kind of components
is highly desirable [1], [2].

This contribution focuses on the generation of macromodels
for CBs operating under small-signal conditions, character-
ized by a nonstationary working point. The latter can be
determined, e.g., by changes of the system operation mode
performed for the sake of energy management. The approach
relies on the generation of a Linear-Parameter-Varying (LPV)
reduced order model that approximates the local dynamics of
the original system around its dynamic working point, as it
evolves within prescribed limits [3]. The model is generated
starting from samples of the circuit small-signal transfer func-
tion, retrieved in correspondence of a finite number of admissi-
ble bias configurations. Model parameterization is performed
at runtime, by extracting the low frequency components of
the electrical quantities at the circuit interface ports, which
determine the instantaneous bias condition. Suitable numerical
constraints are embedded in the model generation to guarantee
the stability of the resulting LPV system for arbitrary working
point trajectories. The method is applied to perform a fast post-
layout simulation of a LDO circuit design, in view of possible
applications for advanced power integrity optimization and
assessment. Experimental evidence shows that the proposed
models are accurate and guarantee up to 50x speedup in
transient simulations.
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II. PROBLEM SETTING

We consider a mildly nonlinear analog circuit block ac-
cessible from P electrical interface ports, whose behavior is
described by the nonlinear differential equations

£(t) = F(&(t),ult)),
n(t) = G(E@), u(t)),

being u(t),n(t) € R the system input and output signals,
and £(t) € RY is the system state vector, with N large. F, G
are nonlinear differentiable maps not known in closed form,
but encrypted in an available SPICE netlist.

We want to obtain a reduced order behavioral model of (1)
for small-signal analyses characterized by nonstationary work-
ing conditions, compatible with the input decomposition

u(t) = Uo(t) + u(t),

(D

2

satisfying the following assumptions
1) @(t) is a small-signal component with %(0) = 0.
2) Up(t), henceforth denoted as bias component, attains
values within a (not necessarily small) hyper-rectangle

3)

Additionally, at each t* > 0, there exists a small constant
d¢ > 0 such that

[1€(E") = Zo(t7)]l2 < e, (4)

being Zo(t*) the unique aymptotically stable equilibrium
point satisfying

Uo(t) ey = [al,bl] X oo+ X [Clp,bp]7 Vit > 0.

0= F(Zo(t*), Up(t")),
Yo(t*) = G(Zo(t"), Up(t*)).

Under the above assumptions, since (5) admits an unique
solution, at each time instant system (1) operates in the
neighborhood of the operating point determined solely by
the instantaneous value of Uy (t). This condition is practically
verified when the bias component varies slowly with respect to
the dynamics of the circuit of interest. Also, when (4) and (5)
hold, the output of (1) can be decomposed as

n(t) = Yo(t) +7(t) (6)

where Yj(t) is the solution of (5) and 7)(¢) is the deviation
from the corresponding equilibrium. Our macromodeling ap-
proach is based on the construction of a LPV model that
approximates the local dynamics of (1) around the trajectory

S



(Z2(t),Up(t),Yy(t)), induced by the instantaneous value of
the bias component Uy(t). Exploiting the model linearity, we
proceed as follows
1) We build a LPV reduced order model for the map
u(t) — 7(t) (Sec. IMI-A).
2) We modify the above to guarantee that it also recovers
the mapping Uy (t) — Yy(t) (Sec. III-B).
3) We address a self-parameterizing approach to update the
model working point at runtime (Sec. III-C).

III. MODELING FRAMEWORK
A. Reduced Order LPV Small-Signal Model

The analytical expression for the linearization of (1) around
the trajectory (2(t), Up(t), Yo(t)) reads

£(t) = A(Uo(1)) - (1) + B(Uo(1)) - a(t),
i(t) = C(Uo(t)) - £(t) + D(Uo(t)) - alt).

where we dropped the dependencies of the Jacobians lineariza-
tions on the state Z(t) since we assumed that (5) has a unique
solution. For the above, we desire the following reduced order
representation of order n < N

i = A(Uo(t))Z + B(Up(t))i,
§ = C(Uo(t))Z + D(Uo(1))a,

£(0)=0

)

z(0)=0

g(t) = q(t).
Since the maps F,G are unknown in closed form, we

build (8) starting from data. To do this, we observe that for

frozen time instants, (7) is associated with a transfer function
parameterized by Uy € Uy, that reads

H(S, U()) = D(U{)) + O(U())(SIN - A(Ug))_lé(U@). (9)

®)

We can thus build an approximation H(s, Up) of order n for (9)
and then cast this approximation into a state space parameter-
ized by the instantaneous value of U to obtain (8). We start by
retrieving samples of (9) via AC sweeps, performed for a finite
number of frequency values and static bias configurations

Hem = HGwr, Uom), k=1,....,K m=1,..., M.
(10)
The reduced order transfer function is obtained by enforcing

H(jwk, Uom) =~ Hpom, k=1,...,K m=1,...,M.
1D

via PSK iteration [4], based on model structure
Yoimo Xser, Rie - b(Uo) @i(s)

Dlico 2oeer, Tie - Ug(Uo) ¢ils)
(12)
In this model, R;, € RP*P, r; ¢ € R are unknowns, and
@i(s) = (s — ;)" are partial fractions with ®{¢;} < 0. The
functions b%(Up) are multivariate Bernstein polynomials with
multidegree £ = ({1, ...,¢p), while Z; denotes a set of admis-
sible indices. Model structure (12) admits a representation in
terms of state space (8). Technical details about the employed
realization procedure are available in [3].
During model generation, we find the involved unknowns
by guaranteeing that the final realization (8) remains stable
for every possible trajectory of Up(t), a property known as

N(S, U()) -
D(s,Up)

H(S, Uo) =
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quadratic stability [5]. This is possible thanks to the following
Theorem, proved in [3].

Theorem 1 (Sufficient conditions for quadratic stability): let
A and B; be known constant matrices and

Cre=[rie726 - Tne, die=ros. (13)

Then LPV system (8) is quadratically stable if there exists
Q% € R™*™ such that Q = Q} " > 0 and

Al QT+ QA1 QiB1—CY,
Bl Qi —Cie —2d1 ¢

Condition (14) represents a Linear Matrix Inequality in the
model denominator coefficients. This constraint can be in-
corporated in the model training phase, so that the resulting
constrained fitting problem becomes equivalent to a standard
convex optimization problem, which is solved through stan-
dard optimization libraries.

<0 VeeZ;, (14

B. Reconstructing the Bias Component

At each time instant, the circuit output component Y (¢)
is istantaneously determined by the corresponding value of
Up(t), via the equilibrium mapping (5). Input-output samples
of this mapping can be obtained by performing a DC sweep
of the circuit netlist for different constant values of Uy. This
procedure returns samples

When the small-signal system (8) is subject to static input
Uyp,;, the corresponding DC output reads

H(0,Uo,j)Uo,; # Yo; (16)

and is not expected to match the observations Yy; because the
bias component is not necessarily small. Therefore, we add a
parameterized output correction term Y (Up) to the output
equation of (8) in order to restore the desired equilibrium
output for all bias conditions. This correction is generated by
requiring that

YC’(UOj) ~ Y()j — H(O7 Uo’j)Uotj, j = 17 o (17)

The above is a standard multivariate function approximation
problem that can be tackled via any standard approach (e.g.
least-squares regression). Adding the correction in the model
output leads to the final model structure

i = A(Uo(t))z + B(Uo(t))u
y = C(Uo(t))x + D(Uo(t))u + Y (Us(t)),

(18)
19)

which is fed with the total input w(¢) and returns the total
output approximation y(t) = n(t).

C. Real Time Parameterization

Model (18) is thought to be parameterized in real time with
the value of the bias component Uy(t) determining the current
working point. However, during system operation, this input
term is not directly observable, as mixed together with the
small-signal at the circuit interface ports. Thus, the model
is practically usable only in view of an automated procedure



Uo(t) +alt) |
> | #(t) = A(Uo)z(t) + B(Up)ul(t) y(t)
y(t) = C(Up)z(t) + D(Up)u(t) + Yo(Us) >
Us(t)
> Filter

Fig. 1. Block diagram of the proposed self-parameterized LPV macromodel
structure.
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Fig. 2. Fitting of the LDO voltage regulation transfer function for M = 50
load current configurations.

aimed at isolating the bias and the small signal components. As
assumptions (4), (5), require Up(¢) to vary slowly with respect
to the circuit dynamics, we perform real time parameterization
as follows

1) During online operation we perform a low pass filtering
operation over the the total input u(¢). This operation is
performed based on a second order Butterworth filter.

2) We use the output of the filter to istantaneously parame-
terize model (18), as in Fig. 1.

In order to guarantee sufficiently slow variations of Up(t), we
set the cut-off frequency of the filter to w, = 0.1w,, being wy,
the angular frequency of the slowest pole of model (12).

IV. FAST POST-LAYOUT LDO SIMULATION

To test the proposed modeling approach, we instantiated
in Cadence environment the Only-MOS low-power regulator
design proposed in [6]. The circuit was designed including the
layout, using a 40 nm CMOS process, resulting in a 30 MB
equivalent netlist.

We performed fast circuit simulation under nonstationary
loading conditions, characterized by admissible bias compo-
nents U3 = Vpp = 0.9 V, and U3 = I, € [0,10] mA,
in agreement with the design specifications. To this aim we
built the small-signal model (12) with n = 9, in Hybrid
representation, considering as input the unregulated voltage
Vpp at port 1 and the load current I, at port 2. The model was
generated in 8.6 s starting from AC data retrieved for M = 50
load current configurations and enforcing the required stability
constraints (14). The voltage regulation transfer function of the
model is compared with the reference data in Fig. 2. Once (12)
is generated, the required DC correction term Y (Uy) is com-
puted by enforcing (17) via linear regression, using J = 50
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Fig. 3. Time domain validation of the proposed modeling approach.

data samples of the reference function (15). Finally, a low-pass
filter with cut-off frequency w, = 27500 rad/s was designed
and an equivalent netlist for model structure of Fig. 1 was
instantiated in LTSpice environment. In this environment, we
performed a 0.2 seconds long transient analysis by considering
a load transition from I;, = 5 mA to I, = 8 mA, taking place
in At = 6 ms. A small-signal of amplitude 0.2 mA and flat
power spectrum in the band 1 — 10 kHz was added to the bias
component I7. The results of the simulation were compared
with those obtained by performing the same analysis using the
reference post-layout netlist. Fig. 3 shows the results of the
comparison before (¢ € [0.41,0.42] s), during (¢ € [0.42,0.48]
s), and after (¢ € [0.48,0.49] s) the load current transition.
In all these three situations, the model returns very accurate
predictions of the circuit behavior. Using a common laptop,
the model is simulated in 16 s, while the original netlist in 13
minutes, with a speedup of about 50x.

V. CONCLUSIONS

We presented an approach for generating macromodels
of analog circuit blocks under small-signal operation with
a nonstationary operating point. The resulting macromodels
prove to be accurate at reproducing the circuit behavior, while
at the same time guaranteing significant runtime reduction.
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Abstract—As the signal integrity (SI) issues become critical
with high bandwidth and density applications, the SI analysis and
optimization are necessary. The SI optimization loop including
design, modeling, simulation, analysis and revision is repetitive
and confined to specific applications. To overcome the recurrent
issues, we proposed reinforcement learning (RL) model for SI and
power leakage optimization in 3D X-Point memory operation. We
defined the MDP components to reflect the optimization problem
and the RL model shows learning convergence. The optimal design
shows 6.2 % of crosstalk, 17.7 % of IR drop and 25.3 % of power
leakage improvement than original design.

Keywords—3D X-Point memory, power leakage, reinforcement
learning, signal integrity (SI)

1. INTRODUCTION

With finer process technology the signal integrity (SI)
issues such as crosstalk, IR drop and etc. are critical and SI
optimization becomes more important in memory design [1].
To optimize signal integrity performance, the engineers need to
iterate the SI optimization loop. As shown in Fig. 1(a), the
sequence of design, modeling, simulation, analysis and revision
construct the SI optimization loop. For SI analysis, we need to
consider diverse SI issues such as crosstalk, IR drop, power
leakage and etc. In conventional memory SI/PI design, a loop
of repetitive processes derives the optimal memory design.
However, the conventional method is time-consuming with
modeling, simulation and iterations for revision and one-time
method with limited design rule. To overcome these issues in
conventional method, applying machine learning is promising
solution [2].

Many factors including SI issues are linked and complex to
optimize. Also, high time-cost for 3D electromagnetic (EM)
simulations and insufficient training sets are critical issues to
use machine learning for optimization. The reinforcement
learning (RL) methods shows powerful performance rather than
other machine learning methods in reusability [3], [4]. As
shown in Fig. 1(b), the memory design loop can be linked to the
optimization loop by RL. Unlike other ground-up optimization
methods, the RL model can derive the optimal solution with one
inference using reusable policy net.

In previous work [4], the optimal interconnection design
shows better performance in same area of conventional design
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Fig. 1. (a) Signal integrity optimization loop considering crosstalk, IR drop and
power leakage issues. The iteration of SI optimization loop is time-consuming
and confined to specific applications. (b) RL loop for SI optimization loop.
Based on the reward from SI optimization loop, the RL model updates and
consists RL loop.

with irregularity. However, with irregularity size of
interconnection lines, the practical conditions such as the
inconsistent characteristics issues of unit memory cell, unfixed
memory size and manufacturing issues need to be considered.

In this paper, we proposed RL model for 3D X-Point
memory operation considering signal integrity and power
leakage issues. We defined the 4 cases of interconnection width
and space and size of MOSFETs in sense amplifier circuit to
Markov decision process (MDP) components. The proposed
model converged well and optimized the SI performance and
power leakage compares to original design and random search
design.
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Fig. 2 MDP components in proposed RL model (a) 4 cases of width size for
word line and bit line (b) 4 cases of space size for word line and bit line (c)
Parameters of CMOS in sense amplifier circuit in 3D X-Point memory.

II. PROPOSAL AND VERIFICATION OF RL MODEL FOR 3D X-
POINT MEMORY OPERATION

A. MDP Components of Proposed RL Model

To construct RL model, the MDP components need to be
defined. As shown in Fig. 2(a) and (b), the width of word lines
(WLs) and bit lines (BLs) are fixed to 1 to 4 times of unit width.
The space of word lines and bit lines are fixed to 1.5 to 3 times
of unit width. Also, we included the size of MOSFET in sense
amplifier circuits. The sense amplifier is designed to 2-stage
amplifier and current sensing circuit with feedback. We set the
size of MOSFET for differential pairs as same and detailed
parameter variations are shown in Fig. 2(c).

In reward factor, we defined the memory density as total
number of bits / total area and considered crosstalk and IR drop
issues that are critical SI issues in 3D X-Point memory. During
read/write operation in 3D X-Point memory, the half-voltage is
applied to WLs and BLs except selected lines for minimum
operating power consumption. Along the selected lines, the
half-selected memory cells are existing and the selector controls
on/off status of the cells. However, both memory cell and
selector are resistive components so, the sneak current is
inevitable issue. Considering high density characteristics in 3D
X-Point memory, the power leakage by sneak current is still
critical issue.

In reward function, each hyperparameters is important. As
the proposed RL model learns based on which factor to give
more weight to, the hyperparameters can affect the direction of
learning. We considered memory density, crosstalk, IR drop,
and power leakage by sneak current to reward function. In the

60

Normalized Reward

—— 4 reward factors
—/\— 3 reward factors

2 reward factors

0 1 1 1 1 1 1 1 1 ]
20k 30k 40k 50k 60k 70k 80k 90k
Learning Steps

Fig. 3 Verification of RL model by ablation study with reward factor variations.
The proposed RL model converged under 10 k, 45 k and 90 k learning steps
with 2, 3, and 4 reward factors respectively.

case of memory density term, it is the most important factor in
memory design. Therefore, the memory density term is set to
the largest value. Next, the SI issues’ term has a trade-off
relationship with each other, so they were set equally in
consideration. Lastly, for the power leakage issue due to sneak
current, the same scale as the SI issue.

When reflecting optimization constraints in real world to
MDP components, the learning variance increases and the
convergence is not guaranteed in RL. It is important to secure
learning convergence in RL. We experimentally proved that
convergence by applying stability methods in policy update and
policy optimization. For policy update, we used long short-term
memory (LSTM) and temporal difference (TD) regularized
actor-critic network. The LSTM stabilize the learning by
memorizing the previous actions and features. With TD
regularized actor-critic network, the learning became more
stable by decreasing the divergence of the gradient estimation.
For stably training policy, proximal policy optimization (PPO)
updates the policy proximally by clipping methods [5]. As
shown in Fig 3. with 4 reward factors case, the proposed RL
model well learned and converged.

B. Ablation Study of Proposed RL Model with Reward Factor
Variations

The ablation study is one of the figure of merit in
optimization method using machine learning. The ablation
study is experiment to figure out that which components in
model affect overall performance. We can understand the
contribution of the component to the overall system with
causality. For verification of the proposed RL model, we
conducted ablation study with reward factor variations. As
shown in Fig. 3, the proposed RL model easily converged under
10 k and 45 k learning steps with 2 and 3 reward factors.
Considering 4 reward factors, the proposed RL model
converged around 90 k learning steps. With the results of
ablation study, we also verified the expandability of proposed
RL model. By adding more reward factors or revising the
reward factors, we can easily realize the optimal design with a
desirable size and feasible performance capabilities and
specifications.
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Fig. 1 Optimal solution by proposed RL model (Wwr, Swr., WaL, SBL. Muil1, Muil2,
Mai, Mgz, Min, Mg, M, A)=(2, 3,2, 3,14, 12,4, 6,8, 4,8, 1) (a) Time-domain
simulation results of optimal solution by proposed RL model (b) Layout of
optimal sense amplifier circuit design for 3D X-Point memory.

III. ANALYSIS OF THE OPTIMAL SOLUTION BY RL MODEL

We conducted time-domain simulation for SI analysis of the
optimal solution by proposed RL model. We used copper as
metal, low-k material for dielectric material and 20 nm process
technology for interconnection lines. The unit interconnection
designs are cascaded to 2 k x 2 k for practical comparison.

As shown in Fig. 4(a), the crosstalk issues are mainly
occurred in rising and falling edge of voltage pulse because of
capacitance between interconnection lines. The average
percentage of coupled voltage is calculated to reward function.
The IR drop issue is unavoidable in high density memory. We
calculated the percentage of degraded voltage margin to reward
function. As previously mentioned, the power leakage by sneak
current also critical issue in 3D X-Point memory. Due to IR
drop through interconnection line, the large amount of sneak
current increases power leakage of non-ideal half-selected
memory cells. Based on these reward factors, the optimal
solution by RL model improves SI performance: 6.2 % of
crosstalk, 17.7 % of IR drop and 25.3 % of power leakage.

To secure the CMOS driving performance, the size of
PMOS is 2 times larger than the size of NMOS considering
carrier mobility. Also, the size of current driving MOSFET pair
should be similar. As shown in Fig. 4(b), the proposed RL
model designed the MOSFETs in sense amplifier circuit : The
width of Mtaill-M _in-M dl is 14L-8L-4L, the width of
Mtail2-M_d2 is 12L-6L and the width of M_cs—M _fis 8L-4L.
The width of M_d1-M _d2 is 4L-6L which is current driving
MOSFET pair. To minimize the layout area of sense amplifier,
the RL model designs sense amplifier with minimum number
of the scale factor ‘A’. In [6], the size of sense amplifier to unit
memory array tile size is 0.45 %. However, in the optimal
design, the size of sense amplifier to unit memory array tile size
is 0.32 % considering process technology node size.

The performance evaluation including memory density,
crosstalk, IR drop and power leakage is summarized in Table
I1. We compared the optimal solution using proposed RL model
with the case of original design and random search design. For
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Table I Performance Evaluation with Optimization Method Variations

Learning Algorithm l\lg[:nms(i)g Crosstalk IR Drop Lzz‘lf:gre
No Optimization 1/1 10 % 28.5% 40.9 %
Random Search 1/9 51% 16.2 % 22.5%

Ours 1/4 3.8% 10.8 % 15.6 %

the random search, we conducted 10,000 iterations. The
optimal design by RL model shows lower memory density than
original design. However, the optimal design by RL model
outperforms in terms of crosstalk, IR drop and power leakage
than original design and optimal design by random search. With
the reusable policy net, the proposed RL model solves new
problem with one inference and extremely reduces the
computational cost than other ground-up optimization methods.

IV. CONCLUSION

In this paper, we proposed RL model for SI and power
leakage optimization in 3D X-Point memory operation. The
MDP components considering practical conditions such as
interconnection manufacturing, sense amplifier circuit, SI
issues and power leakage by sneak current are defined. The
optimal design by RL model surpass the SI performance of
original design and optimal design by random search. The
proposed RL model can apply in future memory design
applications with expandability and reusability.
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Abstract—In this contribution, we propose a novel approach to
rigorously model interconnect structures with an arbitrary con-
vex polygonal cross-section and general, piecewise homogeneous,
material parameters. A full-wave boundary integral equation
formulation is combined with a differential surface admittance
approach, invoking an extended form of the numerically fast
Fokas method to construct the pertinent operator. Several ex-
amples validate our method and demonstrate its applicability to
per-unit-of-length resistance and inductance characterization.

Index Terms—differential surface admittance, Fokas method,
interconnect modeling

I. INTRODUCTION

In our modern society, where information technology is om-
nipresent, the development of sophisticated devices at ever
higher operating frequencies poses serious challenges, e.g.,
in terms of electromagnetic compatibility and signal integrity.
Combined with the continuing miniaturization, this evolution
renders a proper analysis of the occurring electromagnetic
fields and their wave nature indispensable. More specifically,
in high-frequency interconnects, phenomena such as the skin
and proximity effect should be taken into account in a rigorous
fashion. For electromagnetic solvers employing a volumetric
mesh, such as the versatile finite elements method (FEM),
the exponential nature of the current crowding enforces an
intractably fine discretization. The boundary integral equa-
tion (BIE) method and many other surface-based techniques,
on the other hand, require particular attention to deal with
the numerical integration of the Green’s function in highly
conductive media [1].

A popular procedure to circumvent this strenuous situ-
ation replaces the conductive material by its surrounding
medium, while introducing additional boundary conditions.
For instance, in the class of approximate techniques, (local)
surface impedances are invoked [2]. Alternatively, the dif-
ferential surface admittance (DSA) operator [3] captures the
substituted material’s properties in an exact, global way. Its
implementation requires the eigenfunctions of the considered
cross-sections, imposing a de facto limitation to circular and
rectangular shapes. An extension to triangles, not relying on
the Dirichlet eigenfunctions, was presented in [4]. However,
this approach involves special measures to eliminate a promi-
nent Gibbs effect degrading the initial solution. Moreover, a
combination of multiple triangular components is necessary
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for the analysis of arbitrary polygonal cross-sections. In yet
other formulations [6], numerical issues may arise, in partic-
ular in the case of high material contrasts [1].

Here, on the other hand, we invoke and extend the Fokas
method [5] to construct the DSA operator, automatically
expanding its applicability to arbitrary convex shapes, while
combined magnetic and dielectric contrast is allowed. As such,
our method can, e.g., account for etching effects during the
manufacturing of integrated circuits, resulting in trapezoidal
structures. Coupled with the discretized electric field integral
equation (EFIE), a formalism to accurately characterize inter-
connect structures is obtained, even for high material contrast
and a strongly developed skin effect.

II. FORMULATION OF THE METHOD

Consider the two-dimensional (2-D) transverse magnetic (TM)
polarized electromagnetic regime with a e/“* time dependence.
We study a polygonal cylinder (typically a conductor) with
M corner points (Z,,,y,) in the zy-plane, denoted as com-
plex numbers (,, = x,, + 7Ym- The cylinder is characterized
by its permittivity ¢;, permeability u;, conductivity o; and
wavenumber k;, and is situated in a homogeneous background
medium with material properties €., p., 0o and wavenum-
ber k., as depicted in Fig. 1(a). Its longitudinal dimension
is aligned with the z-axis. By applying the single source
equivalence theorem, introducing an equivalent surface current
density j; = Js .z on the boundary C, we can replace the
cylinder’s material by its surrounding medium, preserving the
outside fields, while the inside fields (e;, h;) are modified to
the fictitious quantities (e{, h!), as in Fig. 1(b). This equivalent
surface current density is given by

js =n X (hi - hl/) (D

At the boundary of the structure, and only there, we find that
e =¢€ £ e = e,2, which is mapped to its normal derivative
in the original and the equivalent situation via Dirichlet-to-
Neumann (DtN) operators X and X’, resp.:

—jwpi(n X hy) = Xe, )
—jwpe(R X hi) = X'e. (3)
By combining (1), (2) and (3), we obtain
X’ X
Js = < - ) e £ Ve, 4)
JWHe  JWHi
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Fig. 1: Geometry of the problem, illustrating the equivalence theorem, with
(a) the original and (b) the equivalent situation.
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where ) is the desired DSA operator [3].
The tangential electric field e, satisfies the Helmholtz
equation with eigenvalues k; and k.:

VZe, + ki eye. = 0. (5)

To solve the boundary value problems posed by (2), (3) and
(5) we propose a Fokas-like method [5]. The following Fourier
transform, the so-called global relation, is at its core:

[~

J

k(¢
2<A+AC>
[ (MK¢)+%

A on
where (,,, = T + JYm, - indicates the complex conjugate and
C denotes the pol gonal boundary. Furthermore, ¢ = e, and
@ = —Jwhy, e}h[ﬂm in our case. Equation (6) is cast onto
an appropriate basis of P orthogonal Legendre polynomials
on each polygon side and evaluated at A well-chosen spectral
collocation points A € C:

Uk +/(U/k)? = |hm?

F(\) = / exp

k¢

s dc] =0, VAT, (6)

A=—

(7

for I € {0,1,2,...,A — 1} and m € {1,2,..., M}, where
hm = (Cm+t1 — Cm)/2 and k is the wavenumber. This way,
one ends up with an overdetermined, but very quickly solved,
linear system with a solution that finally yields a discrete
approximation of the pertinent DtN operators.

To incorporate this result in a BIE framework, a transfor-
mation to local, pulse-shaped basis functions is performed. By
collecting the corresponding expansion coefficients of js and e
into vectors J and E, we obtain the discretized version of (4):

( )EéYE

with G the Gram matrix of the local basis functions.

To find the per-unit-of-length (p.u.l.) resistance and induc-
tance matrices R and L for a configuration with IV conductors,
we invoke the procedure outlined in [3], yielding

-1
4wl = (TT T) NC)

=/
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JW e

X
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Fig. 2: Configuration with four trapezoidal conductors (¢ = 5.72 x 107 S/m)
with dimensions in mm: B =1.5,b=0.9, h =0.3, D =4, d = 2.4 and
H = 1.5, situated above an infinite PEC ground plane.
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Fig. 3: Relevant elements of the resistance and inductance matrices Rand L,
for the configuration of Fig. 2.

where the elements of the matrix A are obtained through

//arr

with G(r,r’) In|r — r'|/(27), the 2-D static Green’s
function. The matrix 7T is defined as

{giv

0,
with ¢; the length of segment ¢ in the mesh.

b;(c)dd de. (10)

if segment ¢ € conductor n (11

otherwise,

III. NUMERICAL EXAMPLES

Consider the configuration with two oppositely oriented trape-
zoidal line pairs and conductivity o = 5.72 x 107 S/m above
an infinite ground plane, shown with annotated dimensions
in Fig. 2. Relevant elements of the corresponding resistance
matrix R and inductance matrix L, determined by means of
the procedure outlined above, are compared to the reference
solution provided by [4] in Fig. 3. The pertinent system matrix
is constructed invoking P = 20 Legendre polynomials per
side of the trapezoids, and is evaluated in A = 40 collocation
points X\ per side as well. These values for the parameters
(P,A) will also be utilized in the remaining examples. An
excellent agreement between our proposed method and the
result found in literature is observed.



0.75

3 1 2\ 1
€0, Mo L5 0.5 b1
0 1 |
13

Fig. 4: Multiconductor transmission line (o = 3.57 x 107 S /m) with three
trapezoidal signal lines and a finite rectangular reference conductor. All
dimensions are in um.
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Fig. 5: Relevant elements of the resistance and inductance matrices Rand L,
for the configuration of Fig. 4.

Next, we study the multiconductor transmission line de-
picted in Fig. 4, with reference conductor 0. The dimensions
annotated on the figure are all given in um. We obtain the
curves plotted in Fig. 5, validated by means of the results
in [6]. Once again, both sets of results match excellently.

Finally we investigate the influence of the conductor
(c =1x107 S/m, iy 5) shape in the configuration of
Fig. 6, evolving from triangular (solid lines), over asymmetric
trapezoidal (dashed) to rectangular (dotted). This example
includes a conductive, magnetic medium and therefore demon-
strates the capability of our method to model this novel class
of materials, present in state-of-the-art interconnect applica-
tions [7]. The elements of the matrices R and L are given
in Fig. 7, for these three shapes. Note that Rj; = Rgo and
L11 = Los owing to the symmetry of our problem.

For all of the above examples, the calculation of the DSA
matrix by means of a Python code on a system with a
1.9GHz CPU and 16 GB of RAM required less than 0.5s
per frequency point, a value comparable to the times reported
in [6], confirming the efficiency of our method.

IV. CONCLUSIONS

We presented a novel interconnect modeling technique, com-
bining a boundary integral equation framework with a differ-
ential surface admittance operator, constructed through appli-
cation of the numerically fast Fokas method. Our approach
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Fig. 6: Multiconductor transmission line (o = 1 X 107 S/m, pr = 5) with
two triangular/trapezoidal/rectangular signal lines and two finite rectangular
reference conductors. All dimensions are in 0.1 mm.
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Fig. 7: Relevant elements of the resistance and inductance matrices ﬁ and i
for the configuration of Fig. 6. The solid, dashed and dotted lines correspond
to the triangular, trapezoidal and rectangular conductor shapes, resp.

supports multiconductor configurations with arbitrary, piece-
wise homogeneous material properties and convex polygonal
shapes. By means of per-unit-of-length resistance and induc-
tance characterization of these structures, we demonstrated our
method’s accuracy, efficiency and broadband applicability.
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Abstract — Applications of power electronics that integrate
high-switching isolated gate drivers in switch mode power
converters create excessive transient di/dt and dv/dt loops
that exacerbate electromagnetic emissions. In this work, we
developed a robust system-level coupled circuit-to-
electromagnetic modeling and analysis methodology to
predict the CISPR 25 radiated emission performance of a
reinforced isolated switch driver during product
development. The coupled method accurately captures the
electromagnetic interactions between the nonlinear time-
variant switchers and the system. Preliminary silicon
validation measurements on an automotive high-switching
isolated switch driver with an integrated power supply are
presented to validate the integrity of the predictive modeling
methodology. In an EMC pre-compliance lab, good
correlations between modeling and measurements are
achieved (i.e., within +/- 3dB for resonant peaks within the
frequency band of 30MHz - 1GHz). The predictive EMC
modeling methodology can be implemented to assess the
performance of the initial silicon design during early IC
development.

I. INTRODUCTION

A gate/switch driver is a buffer circuit that amplifies a
low-power input from a microcontroller or any other
source to drive semiconductor power switches efficiently.
Gate driver designs typically fall into two broad
categories - non-isolated or isolated. One key industry
trend is integrating the gate driver with an isolator (the
device that performs the isolation function) known as the
isolated gate driver. A basic isolation integrated circuit
(IC) allows data and power to transfer between high-
voltage and low-voltage domains while preventing any
hazardous DC or uncontrolled transient current from
flowing across the domains [1]. Isolation is critical in high
voltage automotive and industrial applications to maintain
functionality and protect against electric shocks. In
addition, many applications control power rails of 800V
or higher, and, as such, additional reinforced isolation is
required. For these applications, the additional protection
is provided through reinforced isolation, the equivalent of
two basic isolation layers enabled through a single
isolation barrier [2]. A particular implementation of
reinforced isolation is enabled through a single laminate
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air-core transformer. Inductive coupling provides power
and control signaling transmission for the driver stage.

Data transitions through the reinforced isolation
transformer typically have sharp edge rates that
potentially can cause conducted and radiated emissions
due to the generation of high di/dt and dv/dt transient
loops in the system (viz. package and PCB). For radiated
emission, the focus of this work, two primary mechanisms
have been identified as significant contributors to noise.
These include PCB edge and input-to-output dipole
emissions [3]. The main component of emissions is the
common-mode current injected across the isolation
barrier. Since isolators drive common-mode current
across gaps in ground planes, the disruption in the return
current path across the voltage domains creates an
equivalent dipole antenna. The ability to predict radiated
emission through simulation is highly desirable to achieve
first-pass design success for stringent automotive EMC
regulatory standards (e.g., CISPR 25).

In this work, we develop a predictive EMC modeling
methodology to assess CISPR 25 radiated emission for an
automotive reinforced isolated gate driver IC. Section II
provides some key features and functionalities of the
automotive device. The description of the device and
system under test (i.e., package and PCB) is detailed in
Section III. The modeling flow is discussed in detail in
Section IV. Finally, a comparative analysis between
simulation and EMC-certified laboratory measurements is
presented in Section I'V.

II. REINFORCED ISOLATED SWITCH DRIVER DETAILS

The device under test is a fully integrated, reinforced
isolated power switch driver (see Fig. 1). It features a 10-V
gate drive with a 1.5/3-A peak source and sink current
with a reinforced isolation rating of 5-kVrwms. It generates
its own secondary supply from the power received from its
primary side, so no isolated secondary bias supply is
required. The primary side includes a transmitter that
drives an alternating current into the primary winding of
an integrated transformer at a rate determined by the
setting of the PXFR (power control) pin and the logic state



of the EN (enabled) pin. The transmitter operates at a high
frequency to optimally drive the transformer to its peak
efficiency. In addition, the transmitter uses spread-
spectrum techniques to improve EMI performance
significantly, allowing many applications to achieve
CISPR 25 automotive EMC regulatory standards. During
transmission, signal information transfers to the secondary
side alongside the power. On the secondary side, the
voltage induced on the secondary winding of the
transformer is rectified, and the shunt regulator regulates
the output voltage level of VDDH (primary side power).
Lastly, the demodulator decodes the received data
information and drives VDRV (secondary side power)
high or low based on the logic state of the EN (enable) pin.

Primary Side Secondary side
\

>

Demodulator
Rectifier
Shunt Regulator
X
=2
[s]
=]
=<

vssP[

I

X
3
3

Fig. 1. Functional block diagram of an automotive reinforced isolated
switch driver with integrated gate supply.

III. SYSTEM & MEASUREMENTS DETAILS

The device is packaged in a 7.5x5.85 mm? 8-pin SOIC
(small outline integrated circuit) package. The primary die,
secondary die, and transformer are all integrated into the
package. The transformer is designed in a laminate-based
substrate. The packaged device was mounted on an
evaluation module (i.e, EVM) PCB for EMC
characterization (see Fig. 2). It is a 2-layer PCB of size
55.13mm x 60.12mm. The EVM was designed and
optimized for CISPR 25 EMC requirements.
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Fig. 2. CISPR 25 EVM PCB for characterization.
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Appropriate PCB layout techniques to minimize signal
and power integrity issues were employed. Provisioning
for additional filter components (e.g., ferrite bead,
common-mode chokes, among others) was designed
accordingly. Additionally, the PCB design implements a
large ratio of primary to secondary ground planes to
minimize common-mode noise injection through the
CISPR 25 cable. The CISPR 25 radiation emission
measurement was set up, in a pre-compliance EMC
chamber, following CISPR 25 standard requirements [4].

Insulator (foam)

SAC
|  semi Anechoic
Chamber

Fig. 3. CISPR 25 radiated emission measurements setup.

The power input of the system is a 12-V car
batteryv(Fig. 3). A 12V-to-5V LDO was used to provide a
lower voltage to supply the device. Biconical antenna was
used for the 30MHz-300MH and log-periodic antenna for
200MHz-1GHz measurements as per the specification.
An EMI receiver was used to cover all the measurement
frequency bands outlined in the CISPR 25 standard.

IV. EMC MODELING METHDOLOGY

The modeling methodology developed and
implemented here is formulated through a coupled circuit-
to-electromagnetic scheme (see Fig. 4). A SPICE-based
circuit simulator coupled with a 3D full-wave low-rank
method-of-moment (MoM) solver solution captures the
electromagnetic interaction between the circuit and the
system. For full details on methodology see Ref. [5]. The
mathematical formulation is fully detailed in [6] and is
not covered here. In the first Step, an industry-standard
de-facto system-level circuit simulator is employed to set
up the complete system-level transient analysis. The top-
level isolated switch drive circuit includes appropriate
circuit block models for the complete device under test.
Physics-based device level reduced-order models were
developed to optimize simulation runtime while not
impacting performance. From laboratory measurements
and characterization, fully validated off-chip components
(viz. package, EVM, surface-mount components) are
appropriately connected to the top-level circuit from the
project model library. Transient analysis is then
performed to extract voltage/current versus time
waveforms at any circuit node of interest. For the analysis
conducted here, the voltage between primary GND and



secondary GND was extracted in step 2. Once the
voltage/current versus time waveforms are extracted at
the appropriate nodes in the transient system setup, the
data is parsed to Step 3 for the complete system-level
electromagnetic analysis.

(@  System-Level
Transient Analysis

@ Voltage/Current vs.
Time Stimuli

(® System-Level
Electromagnetic Field Analysis

Models Library

* SMTs S-parameter

* Package S-parameter

* PCB S-parameter

* CISPR 25 Test Components
- Cables models

- Probes parasitics models
- LISN circuit models

- Antennas (Bi-con, log, rod)

Meet
% No
requirements?

@

Yes

Output

Fig. 4. Steps of the coupled circuit-to-electromagnetic modeling flow.

Using the voltage/current vs. time waveforms as
stimuli/excitations, the field analysis is set up and
performed in Step 3. Fig. 5 below shows the setup in the
EMC virtual modeling and simulation platform. Finally,
the simulated emission profile is then compared to CISPR
25 radiated emission measurements envelope.

-

b
Fig. 5. Modeling and simulation of CISPR 25 in EMC virtual platform.

V. SIMULATION VS MEASUREMENT CORRELATION

Fig. 6 shows the radiated emission simulation versus
measurement results comparison. The results correlate
well for frequency band 30-300MHz (within +/-3dB
magnitude). Every resonant peak that corresponds to
switcher fundamental and harmonic frequencies is
recovered. For the 450MHz and 540MHz, over a 10dB
difference was observed between simulation and
measurement.

50

|~ Simulation
40— Measurement

100 200 300 500 1000

Fig. 6. Simulation vs measurement for CISPR 25 radiated emission.
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The observed discrepancies between simulation and
measurements at higher frequencies can be partially
attributed to published findings on inter-labs comparative
EMC CISPR 25 testings [7-9]. Reflection and scattering
due to chamber effects, variations in the test setup (EMI
vs. spectrum analyzer), and cable orientations likely
contribute to the observed discrepancies. The correlation
achieved with the predictive modeling methodology on
our preliminary silicon has enabled optimization of the
system (viz. silicon, package, and PCB) to meet CISPR
25 radiated emission regulatory standard successfully.

CONCLUSIONS

A robust system-level EMC coupled circuit-to-
electromagnetic modeling and analysis methodology for
predicting CISPR 25 radiated emission has been
demonstrated in this work. The coupled method
accurately captures the electromagnetic interactions
between the nonlinear time-variant power switchers and
the system. A good correlation was observed between
simulation and measurements, considering the known
inter-labs variations in CISPR 25 measurements. The
predictive modeling methodology developed here is being
implemented to optimize the design performance before
the final regulatory compliance testing at certified EMC
laboratories.
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Abstract— In this paper, we propose the deterministic policy
gradient-based reinforcement learning for DDRS memory
signaling architecture optimization considering signal integrity.
We convert the complex DDR5 memory signaling architecture
optimization to the Markov decision process (MDP). The key
limitation factor was found through the analysis of the
hierarchical channel, and MDP was configured to solve it. The
deterministic policy is essential for optimizing high-dimensional
problems that have many continuous design parameters. For
verification, we compare the proposed method with conventional
methods such as random search (RS) and Bayesian optimization
(BO) and other reinforcement learning algorithms such as the
advantage actor-critic (A2C) and proximal policy optimization
(PPO). RS and BO could not be properly optimized even after
10000 iterations of 1000 times, respectively, and A2C and PPO
failed to optimize. As a result of comparison, the proposed method
has the highest optimality, low computing time, and reusability.

Keywords—  Deterministic policy gradient, optimization,
reinforcement learning, signal integrity, DDRS.

I. INTRODUCTION

Recently, the performance of processors is significantly
increasing due to artificial intelligence and the 4th industrial
revolution, and accordingly, the speed of dynamic random-
access memory (DRAM) applications is also increasing. In the
case of double data rate (DDR), it is used in various fields such
as PCs, data centers, and servers, and is increasing up to 6.4Gbps
per line in DDRS. Due to this increase in data rate, various signal
integrity (SI) problems such as crosstalk, inter symbol
interference (ISI), jitter, and electromagnetic interference (EMI)
occur in the interconnection between DDRS and the processor
[1].

Unlike other DRAM applications such as LPDDR, HBM,
and GDDR, DDR architecture has a memory module to increase
versatility, and a socket is used to connect the module and board,
which further degrades SI. In other words, DDR architecture is
the hierarchical signaling architecture that has many SI
degradation components. Many components between the
processor and memory attenuate the signal, as well as the values
of on-die termination (ODT) and decision feedback equalizer
(DFE) greatly affect the signal. When designing hierarchical
signaling architecture like DDR signaling architecture
considering SI, we should design it by optimizing the necessary
components after composing the entire architecture, rather than
simply optimizing each component.
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Fig. 1. Conceptual view of the proposed deterministic policy gradient—baéi
reinforcement learning for DDRS memory signaling architecture optimization
considering signal integrity.

Many previous studies have been performed to optimize the
high-speed channel considering SI. Bayesian optimization (BO)
which has tremendous power in black box function optimization
is applied to find the optimal design parameters of the high-
speed channels [2], [3]. However, BO has the limitation that it
is a non-reusable method that must be optimized whenever the
environment parameters change. In addition, the BO does not
optimize well when many design parameters need to be
optimized. Therefore, it is difficult to use BO in the hierarchical
signaling structure because many design parameters need to be
optimized.

(O Design target ("}

In this paper, we propose the deterministic policy gradient-
based reinforcement learning for DDRS5 memory signaling
architecture optimization considering SI. We convert the
complex DDR5 memory signaling architecture optimization to
the Markov decision process (MDP). The conceptual view of the
proposed method is shown in Fig. 1. We defined MDP including
state, action, and reward. The environment delivers the state and
reward to the agent, and the agent sends an action to the
environment that increases the reward by updated policy net. We
use the twin delayed deep deterministic policy gradient (TD3)
algorithm, which is one of the deterministic policy gradient
algorithms. The deterministic policy helps to optimize
parameters with a continuous action space. The proposed
method optimizes the target parameters with only one iteration
even if the value of the environment parameters changes. We
compare the proposed method with conventional methods such



TABLEI TABLE II
DESIGN PARAMETER RANGE OF ENVIRONMENT DESIGN (STATE) DESIGN PARAMETER RANGE OF TARGET DESIGN (ACTION)
Component Parameter Min Max Component Parameter Min Max
Tx Impedance 14 Ohm 56 Ohm Server board Via radius 0.2311 mm 0.4293 mm
Width 0.0813 mm 0.3251 mm [CPU side via] Antipad radius 0.4267 mm 0.7925 mm
Space 0.1726 mm 0.6902 mm Stub length 0.0 mm 1.5 mm
Thickness 0.0132 mm 0.0528 mm Via radius 0.0890 mm 0.1651 mm
Servter board Heightl 0.0406 mm 0.1626 mm Ds&wl\zr l.’(;’ard. Antipad radius | 0.2489 mm 0.4623 mm
race Height2 0.2002 mm 0.8006 mm [ side vial =5/ b length 0.0 mm 1.5 mm
Losstan 0.0245 0.0455 DIMM board Via radius 0.07 mm 0.13 mm
Permittivity 3.14 5.85 Via Antipad radius 0.21 mm 0.39 mm
Width 0.0580 mm 0.2320 mm Branch-DIMMO Length 0 mm 14 mm
Space 0.6000 mm 2.4000 mm ODT on Impedance 96 Ohm 384 Ohm
DIMM board thic@ess 0.0060 mm 0.0240 mm ODT off Impedance 32 Ohm 128 Ohm
trace Heightl 0.0240 mm 0.0960 mm Tab 1 -200 mV 50 mV
Height2 0.0820 mm 0.3280 mm DFE Tab 2 -75 mV 75 mV
Losstan 0.009 0.0169 Tab 3 -60 mV 60 mV
Permittivity 2.87 5.33 Tab 4 -45 mV 45 mV
T | Unitinterval (UD |
Tx strength & Processor PKG DRAM Package | ]

v
DIMM
ALy Board

""""""""" ! ODT Condition & DFE tabs

DIMM Socket

000 O=0

< <«
o

Mother Board Trace

Fig. 2. DDRS5 signaling architecture including signal integrity degradation
components.

as random search (RS) and BO and other reinforcement learning
algorithms such as the advantage actor-critic (A2C) and
proximal policy optimization (PPO). As a result of the
comparison, it has much higher optimality than the conventional
algorithms, the optimization is faster, and the reusability is
verified by obtaining optimal results for various tasks.

II. PROPOSED DETERMINISTIC POLICY GRADIENT-BASED
REINFORCEMNET LEARNING FOR DDR5 MEMORY SIGNALING
ARCHITEUCTURE OPTIMIZATION

A. Design and Analysis of DDR5 Memory Signaling
Architecture

The DDRS hierarchical signaling architecture is shown in
Fig 2. The DDRS hierarchical signaling structure was selected
as the most used 2 DIMM per channel (DPC) and dual rank. By
changing each component into an analytic model, the entire
hierarchical model was constructed. When configuring the
model, one signal line is branched into two signal lines on the
server board and the DIMM board to configure 2 DPC and dual-
rank. Finally, it is one signal line in Tx, but it branches into 4
signal lines in Rx. Finally, these signals use on-die termination
(ODT) to change the termination value of the line that actually
receives the signal and the line that does not receive the signal,
so that the signal is transmitted normally. In addition, it uses a
Decision feedback equalizer (DFE) to improve the ISI, so that
the final signal is transmitted well. When ODT and DFE are
added to the hierarchical model in this way, the model is
completed. For server board and DIMM board, Olympus Intel
XSP Motherboard and SK Hynix DDR5 DIMM board, which
are released for free, are used. Based on the DDRS5 JEDEC, the
eye diagram simulation setup was set [4].

As a result of analysis based on eye height and eye width,
three factors have the greatest impact on the DDRS hierarchical
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Fig. 3. The definition of (a) eye height and eye width, unit interval, and (b) eye
aperture.
signaling architecture. The most influential factor is the side
DIMM effect, followed by the via stub effect, and finally via
impedance mismatch. Since these three things actually have a
lot of influence, an off-chip solution and optimization method is
essential to reduce the key limitation factors.

B. Markov Decision Process(MDP)

To optimize using reinforcement learning, we need to define
Markov decision process (MDP). MDP consists of state, action,
and reward. The purpose of MDP is to find the optimal value of
the target variable by removing the key limitation factors. The
agent updates the policy net to achieve the purpose so that the
action that maximizes the reward can be obtained. The state is a
design variable in the DDRS signaling architecture. As shown in
Table I, driver impedance, server board traces, and DIMM board
traces are set to states to estimate optimal design goals.
Additionally, since the drive impedance can be changed during
design, the driver impedance is also set as a state and a total of
15 states are set. The length of the server board and DIMM board
trace is set to 130 mm, 14 mm each.

Action is a design target and is a design parameter to
improve the side DIMM effect, via stub, and via impedance
discontinuity, which are key limitations of DDR memory
signaling architecture. First, backdrill is done to remove the
stubs of both vias of the server board, and the length of drilling
is set as the length of the drill. Also, to consider the side DIMM
effect, the length from branch to DIMMO is set as an action.
Additionally, by setting the radius of via and anti pad as an
action, impedance mismatch of vias can also be resolved. Finally,
not only the dimension-related design parameters were set as
actions, but the on ODT resistance, off ODT resistance, and 4
DFE tap values that greatly affect the eye diagram were also set
as actions. As shown in Table II, a total of 15 actions were set.
The min-max value of the state and action is assumed to be an



TABLE IV
PERFORMANCE EVALUATION OF THE PROPOSED METHOD COMPARING WITH RS, BO, AND OTHER RL METHODS

arbitrary ratio based on the value in Olympus Intel XSP
Motherboard and SK Hynix DDRS DIMM board.

To set the reward, all eye height (EH), eye width (EW), and
eye aperture (EA) are used as shown in Fig. 3(a) and (b). EA is
the most important because it includes both EH and EW
information and is used as an evaluation index for DDR system.
However, when using only the EA as a reward, the training did
not converge well due to zero reward unless the eye is larger
than the eye mask. Therefore, EH and EW are also added.
Instead of adding them as it is, since the EH is the most
important parameter, o is added to adjust the ratio of the three
values and it is set the value to 0.9. In 2 DPC, performance
should be improved in both cases where the signal goes to
DIMMI1 and DIMMO, so the reward is set as the sum of the two
results. The reward is expressed as follows:

o*EApimmo+(1-0)*(EWpimmo +EHpimmo)

Reward =
+ *EApimm1 +(1-0)*(EWpimm1 +EHpivm1)

As the agent, a TD3 algorithm called twin delayed deep
deterministic policy gradient was used. The TD3 algorithm is
one of the deterministic policy gradient algorithms because,
unlike the existing stochastic policy gradient algorithms, it can
be trained stably in the continuous action space [5].

III. VERIFICATION OF THE PROPOSED METHOD

For verification, 10 states of random values were set. The
data rate was set to 5.6 Gbps. The hyperparameters of the
proposed TD3 policy net is shown in Table III. Additionally,
learning rate, batch size, action noise, and gradient descent
algorithm are set to 0.001, 100, 0.01, and Adam-optimizer each.
The proposed method trains the policy net for 150,000 epochs
using the set hyperparameters. Table IV shows the performance
evaluation of the proposed method compared with random
search (RS), Bayesian optimization (BO), advantage actor-critic
(A2C), and proximal policy optimization (PPO). A2C and PPO
also train the policy net for 150,000 epochs using the set
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Eye aperture [UI Time
Method DIMM Test 1 Test 2 Test 3 Test 4 T);st 5p T eLt 6] Test 7 Test 8 Test 9 Test 10 (1 test)
1 0.2016 0.1736 0.2128 0.3528 0.2856 0.2352 0.2352 0.336 0.2184 0
RS {10000} 0 0.2016 0.112 0.2968 0.3528 0.2856 0.2352 0.2352 0.336 0.2184 0.1792 37985
1 0.2765 0.616 0.308 0.3416 0.3136 0.3696 0.2912 0.336 0 0
BO {1000} 0 0.2765 0.1176 0.308 0.3416 0.3136 0.3696 0.2912 0.336 0 0 2113
1 0 0 0 0 0 0 0 0 0 0
AC L 0 0 0 0 0 0 0 0 0 0 0 03s
1 0 0 0 0 0 0 0 0 0 0
PPO {1} 0 0 0 0 0 0 0 0 0 0 0 03s
Proposed {1} 1 0.2912 0.3136 0.3304 0.392 0.3528 0.3752 0.3136 0.3752 0.2688 0.1624 03s
0 0.2912 0.3136 0.3304 0.392 0.3528 0.3752 0.3136 0.3752 0.2688 0.1624
TABLE III hyperparameters. The results of the signals passed to DIMMI
HYPER-PARAMETERS OF PROPOSED TD3 FOLICY NET and DIMMO are shown in the table respectively. In the case of
Network Layer Afflt;:":it::l" Node RS and BO, optimization was performed separately for each task.
Tnput layer - G When .repe'flted more thap 1.000 times, BO greatly increases the
Actor Hidden 1 ReLU 400 execution time, making it difficult to use. It can be seen that the
(actor, target) Hidden 2 ReLU 300 proposed method, which obtains the result with only one
Output layer Tanh 15 inference, has the highest optimality than RS with 10000 times
Input layer - 30 and BO with 1000 times. In the case of A2C and PPO, which are
Critic * 2 Hidden 1 ReLU 400 other reinforcement learning methods, they are stochastic policy
(critic, target) Hidden 2 ReLU 300 gradient methods, but they did not optimize properly in
Output layer Linear 1

multidimensional continuous action space. Through the above
results, the proposed method has the best performance for high
optimality, reusability, and low computing time as well.

IV. CONCLUSION

In this paper, we proposed the deterministic policy gradient-
based reinforcement learning for DDR5 memory signaling
architecture optimization considering SI. We analyzed the effect
of’key limitations and we defined the MDP as improving the key
limitation factors. Since the problem with continuous 15 states
and 15 actions was a very multidimensional problem, it had not
been optimized with the conventional optimization methods
such as RS and BO, as well as other reinforcement learning
methods such as A2C and PPO. The proposed method achieved
the optimization in 0.3 seconds, proving high optimality,
reusability, and computing time.
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Abstract—We present a complete methodology to import and
mesh the layout of complex interconnect networks for electromag-
netic analysis. At first glance, these tasks may seem straightfor-
ward. In reality, they require complex geometrical operations,
which are not trivial to perform efficiently and robustly for
realistic layouts. The methodology is based on publicly-available
libraries and generates a conformal surface mesh suitable for the
boundary element method. The method is tested on an entire IC
package from the Packaging Benchmark Suite.

Index Terms—electromagnetic analysis, layout processing,
meshing.

I. INTRODUCTION AND MOTIVATION

Electromagnetic (EM) analysis is essential for the correct
design of interconnect networks at the chip, package and
board level. A critical part of EM analysis is importing the
interconnect layout and generating a quality mesh suitable for
the numerical solution of Maxwell equations. These operations
may seem relatively straightforward to perform combining
open-source libraries to read standard layout files such as
GDSII [1], manipulate 3D objects [2], and mesh them [3].
In reality, importing and meshing a realistic interconnect
layout is a very challenging task to perform efficiently and
robustly. Limited literature is available on this problem, and
few software libraries exist for parsing, meshing, and in some
cases, analyzing interconnect layouts.

Some open-source libraries exist for reading, writing and
visualizing GDSII files, such as gdstk [1], gds3xtrude [4],
and GDS3D [5]. For finite-difference methods, the gds2Para
library was recently released to support finite difference time
domain analysis of ICs, packages, and boards [6]. Alterna-
tively, libGDSII [7] was designed to be used in both finite
difference and integral equation methods. A limitation of both
GDS3D [5] and libGDSII [7] is that they rely on Gmsh [3]
for meshing. While Gmsh is an excellent meshing library, our
numerical results will show how Gmsh, by working in 3D,
cannot scale to realistic layouts, and a custom solution that
exploits their 2.5D nature is mandatory.

Parsing and meshing a real interconnect layout is chal-
lenging for many reasons. In most industrial formats (e.g.

This work was partially supported by Advanced Micro Devices, by the

Natural Sciences and Engineering Research Council of Canada, and by the
Canada Research Chairs Program.
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GDSII), only the base (footprint) of each conductor is stored,
for performance reasons. In a realistic layout, there can be
thousands of polygonal footprints. Each footprint can be a
very complex polygon in itself, with hundreds of vertexes and
holes, as in the case of a ground plane traversed by many
signal vias. After each footprint is extruded vertically into the
actual 3D object, one must detect all portions of its surface that
are in contact with other conductors in adjacent layers. This
is necessary to properly enforce boundary conditions during
electromagnetic analysis and to, during meshing, enforce mesh
conformity. Conformity is required by several, but not all,
computational EM methods, such as the boundary element
method (BEM) [8]-[10], which is taken as end point in this
work.

Overall, the complexity of parsing and meshing interconnect
layouts, and the limitations of the state of the art, are an
obstacle to scientific research, industrial developments, and
to the adoption of quality benchmarks, such as the Packaging
Benchmark Suite [11]. We describe a complete methodology
to read a complex layout from industry-standard formats,
generate the actual 3D structure, and mesh it in a confor-
mal manner. The methodology is based on publicly-available
libraries and is shown to scale to an entire IC package.

II. METHODOLOGY
Interconnect layouts are typically stored in two files:

« a layout file which contains the 2D base of each object
in metal layers, here referred to as footprint,;

« a technology file that maps metal layers to the dielectric
layers of the substrate. This file will also provide the
height and material properties of both metal and dielectric
layers.

Our end goal is to reconstruct the 3D structure of the
interconnect, identify where metal objects in different layers
touch each other, and generate a triangular mesh for the surface
of all metallic objects. The mesh on the corresponding faces
of touching objects must be identical (conformal), as required
by several state-of-the-art BEM formulations [9], [12].

A. Reading and Simplifying Footprints in Each Layer

For reading the layout file from GDSII format, we chose
gdstk [1]. In GDSII, footprints with voids are represented
as self-reentrant contours. The gdstk and Clipper [13] library
translate this representation to a more convenient one where



the outer contour of the footprint, and the inner contour
of each void, are represented as separate polygonal paths.
The latter representation is simpler and preferable for later
manipulations.

In layout files, one can find multiple footprints that overlap
or are in flush contact. These footprints must be merged
with a union operation, as they represent a single conductive
entity with homogeneous material properties. Among available
libraries to manipulate 2D polygons, we found Clipper [13]
to be the most reliable and efficient. Furthermore, to make
each polygon strictly simple, we apply contour simplification
operations to all objects.

B. Detecting Contacts Between Objects in Adjacent Layers

After footprints have been prepared, the next crucial step
is extruding them along the vertical direction to generate the
actual 3D objects, detect contacts, and generate a conformal
mesh. Two routes exist at this point.

The simplest approach is to first extrude vertically each
footprint using Gmsh [3]. Next, Gmsh’s boolean operations
(called boolean fragments) can be used to identify, for a
given object, all portions of its surface that are in contact
with other objects in adjacent layers. Once identified, Gmsh
will identically mesh these surfaces on touching objects,
ensuring mesh conformity. However, we found that a direct
application of these built-in functions does not scale to even
moderately complex layouts, due to the cost of performing
these operations in three dimensions.

We propose an alternative solution that relies only on 2D
polygonal operations, and later extrudes footprints to their 3D
shape while ensuring mesh conformity. First, each footprint
is duplicated into what will be the lower and upper base of
each conductive object. Then, using Clipper [13], we check
if the upper base of an object in a layer intersects with the
lower base of any object in the layer above. If so, we use
the difference and intersection operations in Clipper [13] to
partition the base into contact and non-contact portions. Note
that each partition may consist of disjoint polygons, even if
the original footprint was a single polygon. This is the case,
for example, of a ground plane underneath a via fence. The
upper base of the ground plane will be partitioned into many
circular regions, representing the contact surfaces with the vias
above, and the remainder, which will be a large polygon with
many circular holes.

C. 3D Extrusion

Next, we describe how each 3D object is created given its
lower and upper bases, which are possibly partitioned. While
the lower and upper base still have the overall same shape,
they may have been partitioned into remarkably different
geometrical entities, making extrusion a non-trivial problem.
Fig. 1 shows a simple scenario of a square ring which touches
an object in the layer above (e.g. a stripline). While the lower
base is still a single polygon with a hole, the upper base
now consists of two polygons without any holes. Furthermore,
partitioning introduced additional vertexes and edges in the
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(a) (b)

Fig. 1: Example of a square, hollow footprint: (a) lower base.
(b) upper base. Red lines belong to the internal contour of the
object, while blue lines belong to the external contour. Black
lines do not belong to neither the external nor the internal
contour.

upper base that do not exist in the lower base. These changes
make 3D extrusion quite challenging for complex layouts. To
address this challenge, we devised the following algorithm:

1) the lower and upper bases are decomposed into vertexes,
lines, and surfaces. This representation will also facili-
tate mesh generation with Gmsh [3];

all vertexes and lines are re-indexed looping through the
upper and lower bases. Lines that constitute the outer or
inner contours of the bases are identified during this step
(shown in red and blue in Fig. 1). However, at this point
it is only known whether or not a line belongs to one
of the contours;

a graph representation is created to relate vertexes on
the internal and external contours to their corresponding
lines. Then, a depth-first search is applied to find disjoint
subgraphs, which correspond to closed contours of line
segments. The graph representation is used to identify
matching contours on the upper and lower bases and
facilitate traversing around each of the closed contours;
the vertexes in the lower and upper bases that are
vertically aligned are detected based on their (x, y) coor-
dinates. Vertical lines are drawn between such vertexes
to form the side faces of the extruded object.

2)

3)

4)

D. Meshing and Visualization

At this point, the actual layout has been reconstructed in 3D,
and is ready for meshing. Since the contact surface between
each pair of touching objects has been identified, it can be
meshed once ensuring conformity on all interfaces. Due to this
pre-processing, any meshing library can be used at this point,
providing flexibility on the type of mesh to be generated. In
our case, we used Gmsh [3]. The 3D layout and mesh can be
visualized with Gmsh’s viewer or, for better scalability, with
Paraview [14].

III. RESULTS

The proposed method was implemented in C++ and tested
on an IC package from the Packaging Benchmark Suite [11].



Test Case Method # of Layers  # of 2D Footprints  # of Gmsh Surfaces  # of Triangles =~ CPU Time

. Previous 15 335 1,291 56,742 259 s

IC Package (portion)  p 15 335 1371 56,066 214 s
IC Package (full) Proposed 15 51k 326k 10M 27.4 min

TABLE I: Layout, mesh and CPU time statistics for the power integrity test package.

Fig. 2: Visualization of the mesh generated by the proposed
method for the IC package.

T e

Fig. 3: A via connected to a ground plane, showing the mesh
used for the lower base of the via (left panel) and for the upper
base (right panel).

This is a medium-size package with vias, plated through holes,
15 layers and about 2,900 bumps. All tests were run on an Intel
Core 17-2600 CPU running at 3.4 GHz.

We consider first a small portion of the IC package, consist-
ing of 335 footprints out of the 51,000 of the whole package.
The goal is to compare the proposed method against the
simpler solution of using Gmsh and its boolean operations
to extrude footprints and ensure mesh conformity. While both
approaches result in a good, conformal mesh, their compu-
tational cost is remarkably different. As shown in Table I,
the Gmsh approach takes almost 26 s, since contact detection
and mesh conformity are performed in full 3D mode. The
proposed approach is about 12X faster, taking only 2.1 s. Most
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of the speed-up arises from the fact that contact detection is
performed in 2D rather than in 3D.

Next, we consider the whole IC package. The 3D approach
based on Gmsh’s boolean operations does not scale to this
complexity, and can only handle, in several hours, selected
pairs of layers of the structure. The proposed method parses
and meshes the whole structure in 27.4 minutes on a single
thread. With multithreading and code optimization, this time
can likely be reduced further. The generated 3D structure
consists of about 326,000 surfaces. The mesh contains about
10 million triangles and is shown in Fig. 2. The figure shows
the whole structure and a local area with several power/ground
planes, vias, and bumps. Fig. 3 provides a detailed view of a
via connecting to a ground plane underneath. The figure shows
how the contact surface between the via and the plane has been
correctly identified and meshed to ensure conformity.
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Abstract—New closed-form expression for quasi-static 2-D
Green’s function of fully-shielded layered medium is proposed.
Along the vertical direction of the medium stratification the
spectrum of the Green’s function can be obtained through the
1-D ordinary differential equation and expressed as pole-residual
form. This rational function representation of the spectrum
allows to evaluate space domain Green’s function in layered
medium shielded from top and bottom with horizontal ground
planes in a closed-form. This closed-form expression allows
to analytically add up contributions from infinite number of
source images with respect to the vertical side walls of the
rectangular enclosure, hence, producing the new closed-form
expression for the 2-D Green’s function of rectangular enclosure
vertically filled with multilayered medium. Availability of such
Green’s functions enable construction of integral equation based
magneto-quasi-static and electro-quasi-static 2-D extractors. Such
2-D magneto-quasi-static extractor based on solution of Surface-
Volume-Surface Electric Field Integral Equation (SVS-EFIE) for
multi-conductor transmission lines (MTLs) situated in shielded
layered media is demonstrated.

Index Terms—Green’s function, inductance, integral equations,
method of moments, resistance, transmission lines

I. INTRODUCTION

FFICIENT computation of periodic Green’s functions is

essential for expedient analysis of shielded transmission
lines [1]. In this work we propose a new approach to evaluation
of double-periodic 2-D Green’s functions featuring planar
layered medium along one of the dimensions, which leads to
fully close-form representation of such Green’s functions. The
infinite spectral integrals are evaluated in closed-form through
casting of the layered media Green’s function spectra into the
pole-residual form. The latter is enabled through discretization
of the 1-D ordinary differential equation governing the layered
media Green’s function spectrum followed by the eigenvalue
decomposition in the resultant matrix equation. The method
is commonly called Spectral Differential Equation Approx-
imation Method in our prior work [2]-[4]. After closed-
form evaluation of the spectral integrals the remaining infinite
series ends up in the form of geometric series which can
be summed analytically. To demonstrate application of the
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Fig. 1. The shielded two-conductor MTLs located over lossy substrate.

The PEC planes situated at y1; = —189.01099um and yg = 219.01099pm
enable termination of the FD grid for spectral domain 1-D ODE along the y
coordinate. The distance between the vertical PEC planes d varies in different
examples. The region of interest is y € [y2, ys], where yo = 0 and y5 = Y.
In order to model the case of top PEC far away from the bottom PEC easily,
the buffer regions y € (y1,y2) and y € (ys,ys) are mapped to regions of
parametric variable ¢ € (0, D — h¢) by using coordinate transformation [4].

new representation of double periodic 2-D Green’s function
featuring layered media, we use it to construct the 2-D Green’s
function of rectangular enclosure filled with layered medium.
This 2-D Green’s functions of the shielded layered medium is
subsequently used in 2-D magneto-quasi-static formulation of
the SVS-EFIE [4] to enable analysis of MTLs with complex
cross-sections shielded by the rectangular enclosures. This
paper is an abbreviated version of the complete descriptions
provided in the chapter 3 of the thesis [5].

II. LAYERED MEDIA GREEN’S FUNCTION COMPUTATION
A. Computation of Primary Green’s Function

The primary Green’s function G.o(p, p’) is computed by
considering only the top PEC plane, the bottom PEC plane,



and the multilayered substrate sandwiched in between. The
layered medium Green’s function satisfies the 1-D Helmholtz
equation in spectrum domain [4]. The numerical solution of
it is obtained in pole-residual form by using FD technique
as discussed in details in [4] and is not repeated here. This
pole-residual form enables the closed form evaluation of the
inverse Fourier transformation analytically. The closed form
space domain primary Green’s function Gy at the discrete
samples along y coordinate is expressed as

N-1 —y/Sjle—z'|
e
Geol|z = ', yn, U) = D [Ths [T jm [l ————
=0 2\/ Sj

(D
where y,, is the observation point elevations, y/, is source
point elevations, [T'] is the matrix storing the eigenvectors and
S; is the jth eigenvalue.

B. Accounting for Sidewalls Using Image Theory

The layered media Green’s function has contributions from
the left PEC plane and right PEC plane through image theory.
The images of the point source located at z’ created by the
left PEC plane situated at 2 and the right PEC plane situated
at zo can be classified into four categories according to the
distance between the position of the images to the PEC planes.
Source has infinite number of images beyond the left hand side
of left PEC plane and the right hand side of right PEC plane.
The distance between left PEC plane and the right PEC plane
is d. The point source and all the images of the point sources
will have the contributions to the magnetic vector potential
Green’s function at observation location z.

From the image theory, the total Green’s function can be
obtained from the summation of the primary contribution due
to the point source and the contributions due to all the images
of the source point with respect to the sidewall, which after
analytic evaluation of geometric series over infinite number of
images yields

d]
G orth) = 3 Tl L
par 2./5;
e*\/S;j\ajfxﬂ + 1 |:_ 67\/57-(21271'71)
_e—\/S>j(—2a:1+:v/+z) +e—ﬁ(w2—w1+x/—x+d)
)} ] @

The above formula (2) constitutes the new closed-form
expression for the 2-D magneto-quasi-static Green’s function
of planar layered medium inside the rectangular enclosure.
In the following Section we briefly revisit the 2-D magneto-
quasi-static SVS-EFIE and the use of new proposed Green’s
function in its formulation.
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III. SVS-EFIE FORMULATION IN MULTILAYERED MEDIA

Magneto-quasi-static SVS-EFIE is formulated for auxiliary
surface current density J, residing conductor boundaries. Sub-
stitution of single-source field representation into 2-D Volume
EFIE [4] and enforcement of the latter on the boundary of the
conductor 0S while approaching the boundary 95 from inside
its volume S yields [4]

~wito  Galp,p)3.(0') dp' + g

oS
75 { / / Gelp, 0)Go(p', p")ds' | 3.(p")dp" = Vs, p € 5.
S

as

3)
In 3), G,(p, p’) is the Green’s function of the homogeneous
conducting space having wavenumber k., conductor bulk
conductivity o. ¢ is imaginary unity /=1, w = 27 f, and
f is frequency. For conductor or group of conductors forming
a MTLs, the Green’s function G.(p, p’) in (3) is given by (2).

IV. NUMERICAL RESULTS

In order to validate the proposed computation of the
shielded multilayered media Green’s function, the layered
medium SVS-EFIE formulation is applied to model 2-D
shielded microstrip transmission lines embedded in the mul-
tilayered media (Fig. 1). The numerical results obtained from
proposed approach are compared to those obtained using
COMSOL FEM commercial solver.

In the experiments, two rectangular cross-section conductor
transmission lines made of copper with ¢ = 5.8 - 107 S/m
are situated in the air layer above lossy substrate with o3 =
1-10*S/m, &, = 12¢9 and enclosed in a perfect electric
conductor (PEC) box as depicted in Fig. 1. Each conductor has
width w = 20 pm, thickness ¢ = 6 um. The distance between
the two conductors is w = 20 um. The height of the PEC
box is fixed at 408.02198 um, the distance between the left
conductor to the left PEC wall is the same as the distance
between the right conductor to the right PEC wall. The width
of the PEC box d varies in the experiments to test the impact
of the PEC sidewalls on the fields and extracted network
parameters of such shielded MTLs. In these experiments the
y coordinate is discretized by the FD grid as shown in Fig. 1.
The intervals of interest y € [Opm, 10pum], y € [10gxm, 20pm],
and y € [20pum,30um| are discretized with the uniform
samples. The conductors are contained in the interval y €
[10pm, 20m] and the sampling step size in each interval may
be different. Then the boundary locations of the top PEC and
the bottom PEC can be determined by the extension of the
upper buffer regions y € (30um, 219.01099um) and the lower
buffer regions y € (Opm,—189.01099um) through mapping
the physical y coordinate to the parametric variable ¢. This
transformation enables modeling the top PEC and the bottom
PEC far away from each other easily without applying dense
uniform FD samples. Distribution of the volumetric electric
current density in the two-conductor MTLs situated above
the lossy substrate at 5GHz computed using SVS-EFIE and
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Fig. 2. Volumetric current density in the two-conductor MTLs situated above the lossy substrate at 5GHz. The box width is 70.0 um. The conductors are
driven with 1V in the left conductor and OV in the right conductor. The current distribution computed using SVS-EFIE is shown in the left. The validated

result by COMSOL FEM is shown in the right.

COMSOL FEM solver with the enclosure width d = 70.0 ym
is shown in Fig. 2. The conductors are driven with voltage 1V
in the left conductor and OV in the right conductor. The self-
resistance R1 and self-inductance L1, (mutual-resistance Rq2
and mutual-inductance L5 were also studied and omitted to
save space) for various enclosure widths d at 5GHz are shown
in Fig. 3 and Fig. 4, respectively. The numerical performance
of SVS-EFIE based RL extraction is demonstrated in [6].
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Fig. 3. Per-unit-length self-resistance R11 in two-conductor MTLs at 5GHz
shown in Fig. 1 as functions of box width for the homogeneous box fill and
box containing substrate of conductivity o = 10kS/m.

V. CONCLUSIONS

Paper presents new approach to closed-form evaluation
of the 2-D Green’s function of the rectangular enclosure
filled with planar layered medium. The method allows for
analytic evaluation of the Fourier transform integrals as well as
subsequent analytic addition of infinite geometric progression
series over the images occurring due to vertical walls of
the rectangular enclosure. The resultant new Green’s function
representation can be used for analysis of complex cross-
section multi-conductor transmission lines in layered media.
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Abstract—An efficient parallel solver is proposed for extracting
port parameters from electrical interconnects with many ports.
We demonstrate that block iterative methods can be used to
improve convergence rate and parallel efficiency. The proposed
method is up to 16x faster than an existing method on structures
with up to 128 ports and 3 million unknowns.

Index Terms—boundary element method, adaptive integral
method, block iterative methods, skin effect modeling

I. INTRODUCTION

The boundary element method (BEM) is a popular tech-
nique for the electromagnetic analysis of large complex
structures, which abound in modern electrical interconnects
and electronic packages. Unlike volumetric formulations, the
BEM only requires a surface mesh of conductive objects.
Therefore, the number of unknowns can be considerably
reduced compared to volumetric methods. However, the BEM
results in a dense system of equations, which limits the size
of problems that can be solved. As a result, the BEM is
commonly partnered with an acceleration method, such as the
adaptive integral method (AIM), and an iterative algorithm is
used to compute the solution, e.g., the generalized minimum
residual (GMRES) algorithm [1].

Although existing parallel BEM solvers can simulate large
structures, most of them are not suitable for the electromag-
netic analysis of electrical interconnects. The few BEM solvers
that are applicable [2], [3], require considerable improvement
before they may be used to efficiently analyze realistic struc-
tures. For example, silicon interposers used for high-bandwidth
memory may contain thousands of signal lines. Extracting
all scattering parameters of these structures would require
repeatedly solving a system of equations thousands of times.
For direct solvers, which are not easily applicable to the
BEM, increasing the number of excitation vectors remains
computationally efficient, since the dominant computational
workload is the matrix factorization step. On the other hand,
the computational cost of solving the system of equations us-
ing the GMRES algorithm [1] is proportional to the number of
excitation vectors. Therefore, the computation time can grow
considerably when thousands of ports need to be characterized.

This work was partially supported by: Advanced Micro Devices, Natural
Sciences and Engineering Research Council of Canada, Digital Research
Alliance of Canada, CMC Microsystems.
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In this work, we propose an efficient parallelization strat-
egy for an AlM-accelerated BEM solver that enables rapid
extraction of port parameters from large electrical interconnect
structures. The proposed strategy leverages block iterative
methods [4] to reduce the number of iterations associated
with multiple port excitations and improves the overall parallel
efficiency. The solver is validated on the package microstrip
benchmark [5]. Subsequently, the proposed method is tested on
stripline array structures of increasing size and port count. The
proposed method is found to be 16x faster than an existing
method on the largest structure, which is composed of 64
striplines and 3 million mesh edges.

II. FORMULATION

We consider structures comprising rough lossy conduc-
tors embedded in a layered medium. Our objective is to
model the structure using Maxwell’s equations and extract
scattering (S) parameters. In order to avoid low-frequency
breakdown issues, we use the augmented electric field integral
equation (AEFIE) [6], along with an approximate surface
impedance boundary condition (SIBC) [7], to formulate the
system of equations. After discretization with Rao-Wilton-
Glisson (RWG) [8] and pulse basis functions, the AEFIE can

~-D"LsB Js 0

be written as:
jkol +C } {cOpr } - [ I, ] M

jkoLia +ng ' Zs
FD

In (1), Ly and Lg are the discretized vector and scalar
potential parts of the £ operator [9], which involve the Green’s
function of layered media [10]. Coupling to a Thevenin-
equivalent circuit excitation is provided by matrix C [11]. The
SIBC is enforced by Z,, which includes the Groiss correction
factor for conductors with surface roughness [12]. The identity
matrix is given by I, while I is the excitation current. The
remaining matrices are identical to [6].

In the AIM, (1) is solved iteratively, and the required matrix-
vector products (MVPs) involving L 4 and Lg are accelerated
with fast Fourier transforms. To improve the convergence
properties of the system of equations in (1), the constraint
preconditioner from [6] is used, which requires the solution
of a sparse system of equations. The cost of solving (1)
scales linearly with the number of port excitations Np. When
Np is large, an improved approach is needed to reduce the
computation time.



III. PROPOSED METHOD

A simple parallelization strategy for solving (1) is to treat
each excitation as a separate problem assigned to a small
fraction of the total available processes. Although this would
lead to an embarassingly parallel computational problem,
duplicating the system matrix for each group of processes
would require an excessive amount of memory. The proposed
method distributes the system matrix over all processes and
uses memory sparingly.

We propose to use block iterative methods [4] in order
to reduce the total time needed to extract S parameters. In
block iterative methods, excitation and unknown vectors are
concatenated into tall skinny dense matrices. Then, the system
of equations is solved for all unknown vectors simultaneously.
For example, a block iterative method can be used to solve
linear systems of the form

AX =B, 2

where A is the system matrix, X is a dense matrix of
concatenated unknown vectors, and B is a dense matrix of
concatenated excitation vectors.

Block iterative methods have two main advantages over
conventional iterative methods when multiple excitations are
present. First, they can generate larger subspaces, which can
improve the convergence rate, thus, reducing the number of
iterations [4]. Second, the block nature of the matrix-matrix
products (MMPs) increases the arithmetic intensity and can
improve computational efficiency [4]. This second point is
especially valid for distributed-memory solvers, where parallel
efficiency can be improved by packing more data into commu-
nication buffers. On the other hand, a block iterative method
will use additional memory to store vectors that are needed for
the block Krylov subspace and any intermediate computations
required in system matrix multiplications. However, memory
usage in the AIM is dominated by the near-region portions of
L4 and Lg, so the effect of any additional vectors on the total
memory consumption will be small. In any case, the number
of excitation vectors may always be reduced to fit the available
memory of the system with remaining excitation vectors being
solved in a subsequent batch solve.

A state-of-the-art parallel solver was modified [3], [13],
so that the system matrix in (1) could efficiently multiply
dense matrices. This was achieved by swapping all MVPs
involving submatrices of (1) with MMPs. This includes the
AlM-acclerated matrices L 4 and Lg. Vectors required to store
intermediate results of a MVP with (1) were replaced by
dense matrices. The preconditioner was enhanced to enable
its efficient application to dense matrices using a similar
approach. These changes allowed for the parallel solver to
make use of the block GMRES algorithm implemented in [4].

IV. RESULTS
A. Package Microstrip Benchmark

In this section, the proposed method is validated on the
package microstrip benchmark from [5]. This benchmark
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Figure 1. S parameter plots for the package microstrip benchmark [5]. Top
panel: return loss |S71| Bottom panel: insertion loss |S21].

consists of a single microstrip with an excitation port at each
end. A detailed description is available in [5].

The structure was simulated from 1 to 40 GHz using the
proposed method and Ansys HFSS. Measured results were
extracted from plots in [5] using an online digitizer and are
plotted alongside the simulation results in Fig. 1. The S
parameters computed by simulation are in good agreement.
As expected, the simulated S parameters deviate slightly from
the measured S parameters as observed in the benchmark
description [5].

B. Stripline Array

Next, the performance of the proposed solver is tested by
extracting S parameters from structures of increasing size. A
schematic of the smallest structure is shown in Fig. 2. These
structures are inspired by the package microstrip benchmark
and the set of structures in [2]. Each structure consists of
two ground planes, Ng striplines, and 2Ng other conductors,
which are not connected to ports. An example structure with
Ng = 4 is presented in Fig. 2. All conductors are assigned a
conductivity of 4.5 x 107 S/m and an RMS surface roughness
of 0.3 um. These structures are embedded in a layered medium
composed of a single dielectric material of thickness 180 pm
surrounded by air. The dielectric has an electric permittivity
of 3.4 and a loss tangent of 0.018. The length of the structures
is set to 28.26 mm, which is comparable to the size of the
package power integrity benchmark problem [5]. An excitation
frequency of 10 GHz was used for all simulations. Table I
contains supplementary information for each structure, includ-
ing the number of mesh edges Vg, the number of AIM grid
points N, N, N, and the number of effective MVPs Nyryp
required by the GMRES algorithm and the proposed method
to reach a relative tolerance of 10~%. The value of Nyvp
for the block iterative method is computed by multiplying the
number of MMPs by Np.

The execution time of the proposed method was compared
to the existing strategy which uses the GMRES algorithm [1].



Table 1
PARAMETERS FOR THE STRIPLINE ARRAY STRUCTURES IN SECTION IV-B.
Nmvp
N, N, N, N, N
s B v Y * | GMRES | Proposed
4 399, 603 600 40 10 1,718 1,952
16 936, 747 600 64 10 11,910 5,856
64 3,089,775 | 600 | 160 | 10 93,179 21,888
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29.62 ym 62.16 pm
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Figure 2. Schematic of the Ng = 4 stripline array structure. Top panel: top
view. Bottom panel: cross sectional view.

To compare the computational efficiency of each method
independently of their convergence rate, the accumulated time
spent in solver steps was divided by Nypyp, which results in
an average time for a single excitation vector. All simulations
were run on the Scinet Niagara cluster where each node has
40 Intel Skylake cores, running at 2.4 GHz, and 202 GB of
memory. The total number of CPU cores used ranged from 20
to 1,280. The results of the scalability experiments for each
stripline array structure are plotted in Fig. 3.

The results indicate that the reduction in solver iterations re-
duces the total solve time. Furthermore, the plots averaged by
Nyyvp demonstrate that many solver steps, such as, applying
the preconditioner, are more computationally efficient when
they are applied to multiple vectors at once. The proposed
method was 16x faster at extracting the 128 S parameters of
the largest structure, when 1,280 processes were used.

V. CONCLUSION

We presented a new strategy for accelerated BEM solvers
that improves the efficiency of computing scattering param-
eters of large electrical interconnect structures with many
ports. This approach leverages the superior convergence and
computational efficiency properties of advanced block iterative
methods. The proposed method was 16x faster than existing
strategies when compared on a structure with 128 ports.
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Abstract — In this paper, an artificial neural network (ANN)
trained using a novel transfer learning approach is presented for
the variability-aware signal integrity analysis of on-chip multi-
walled carbon nanotube (MWCNT) interconnects. In the
proposed transfer learning approach, initially a secondary ANN is
trained to emulate the signal integrity quantities of interest of an
approximate equivalent single conductor (ESC) model of the
MWCNT interconnects. Thereafter, the values of the weights and
bias terms of this secondary ANN are used to expedite the training
of the primary ANN that will emulate the signal integrity
quantities of the more rigorous multiconductor circuit (MCC)
model of the MWCNT interconnects.

Keywords — Artificial neural networks (ANNs), high-speed
interconnects, multi-walled carbon nanotubes (MWCNTsS),
transfer learning, variability analysis, signal integrity.

1. INTRODUCTION

At sub-22 nanometer technology nodes, multi-walled
carbon nanotube (MWCNT) on-chip interconnects display
significantly lower scattering, higher current carrying capacity,
and higher thermal conductivity than conventional copper
interconnects [1]. For right-the-first-time design of such
MWCNT interconnects, electronic design automation (EDA)
tools need to explore how variability in the geometrical,
material, and physical parameters of the interconnect structure
affect the signal integrity quantities of interest such as the signal
delay, peak -crosstalk, and eye diagram characteristics.
Typically, a Monte Carlo framework is employed to perform
the variability-aware signal integrity analysis of MWCNT
interconnects [2]. However, because of the poor convergence
of the Monte Carlo technique, this entails performing thousands
of SPICE simulations of the highly rigorous and complex
multiconductor circuit (MCC) model of the MWCNT
interconnects at extremely high computational time costs [3].

To mitigate this problem, surrogate models based on
machine learning (ML) regression techniques such as artificial
neural networks (ANNs) have been reported in the literature
[4]-[6]. These surrogate models take the form of analytic
functions emulating the nonlinear dependency of the signal
integrity quantities of interest on the geometrical, material, and
physical parameters of the interconnect structures. In particular,
ANNs have the capacity to emulate highly nonlinear
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relationships that other methods such as those based on smooth
polynomial basis functions cannot [7]. Once trained, the ANN
surrogate models can be probed at a miniscule fraction of the
computational time cost of a SPICE MCC model simulation to
estimate the values of the signal integrity quantities for different
input parameter values. Hence, these ANN surrogate models
can replace the repeated and expensive SPICE MCC model
simulations in a Monte Carlo framework. Unfortunately, the
training of ANNSs is a very tedious process where massive
amount of training data may be required using repeated SPICE
simulation of the MWCNT interconnects.

In this paper, a transfer learning (TL) approach is developed
to address the above computational costs to train conventional
ANNS [8]. The TL approach focuses on extracting and reusing
the knowledge gained from solving a secondary or a related
problem to expedite the training of the primary ANN to solve
the target problem. In this work, the secondary problem is
defined to be the training of an ANN surrogate model to emulate
the signal integrity quantities of an MWCNT interconnect
modeled by the inaccurate equivalent single conductor (ESC)
model [9]. Importantly, generating the training dataset for this
secondary problem is numerically very cheap given the
relatively small SPICE simulation cost of the ESC model
compared to the MCC model. Next, the entire ANN architecture
including the optimized weights and bias values of the
secondary problem is used as an informed starting guess to train
the primary ANN to emulate the signal integrity quantities of the
interconnect modeled by the rigorous MCC model. Given the
use of the informed initial guess of the weights and bias terms,
the number of SPICE MCC model simulations required for
training the primary ANN will be a significantly reduced.

II. PROPOSED TRANSFER LEARNING APPROACH

A. Problem Statement

Consider a general MWOCNT interconnect network
consisting of M conductors, each with N, concentric shells as
shown in Fig. 1. The variability in the geometrical, physical,
and material parameters of the interconnect structure is mapped
to N mutually uncorrelated random variables A = [11, ..., Ax]
located within the multidimensional support Q. The task is to
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Fig. 1: Eircuit schematic of the MWCNT interconnect network with
the cross-sectional view of the MWCNT conductors.

further map the impact of these random variables on the signal
integrity quantities of interest of the interconnects. To that end,
fully connected conventional ANNs can be developed to
emulate the signal integrity quantities as

N Fl(x)
y=| M|=| M [=F(2) (1
yp Fp(2)

In (1), y represents the vector of P signal integrity quantities of
interest which are also the outputs of the ANN. The vector F
represents the vector of the analytic nonlinear mapping
functions identified by the ANN. The training dataset for this
ANN is represented as {A®, yucc(A®)} Ve, where yucc(A®) is
the set of the signal integrity quantities determined from SPICE
MCC model simulation at the k-th training sample A% = [, ®,
Ma®, ..., ], Here, the key challenge is that the number of
training samples, NV, used to reliably train the ANN is usually
massively large, thereby requiring prohibitively high time costs
to extract the training dataset from repeated SPICE MCC model
simulations. To address this problem, a transfer learning (TL)
approach is developed as explained in the next few subsections.

B. Transfer Learning: Training the Secondary Problem

The first step in the proposed TL approach is to solve a
related secondary problem — to train an ANN to emulate the
target signal integrity quantities of (1) as functions of A where
the training dataset is generated using SPICE ESC model
simulations instead of MCC model simulations. In this case, the
training dataset will be {A®), yzsc(A®)} 1| where yzsc(A®) is
the signal integrity quantities obtained from a SPICE ESC
model simulation at A®. The outputs of this ANN will be

Z Hl(;“)
z=| M|=| M |=H(}) (2)
Zp Hp(2)

where for a standard three-layer multi-perceptron architecture
N, N
k o J gk
(W)= Ci3| bis +2wj’3’0'j’2 b;, +wa2]ﬂ1(, ) (3)
j=1 p=1

In (3), g, refers to the g-th nonlinear activation function used
in the neurons of the p-th layer, b,, is the bias value entering
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TABLE [
UNIFORMLY DISTRIBUTED DEVICE PARAMETERS

S. No. Parameter Nominal Variation
Value
Din,i (Diameter of inner shell
1-3 for i-th conductor) 2.28 nm
4.6 d; (Intershell distance for i-th 0.14 F
conductor)
Cs,i (Driver capacitance of i-th
7-9 conductor) 0.049 fF +/-15%
10-12 CL.i (Load capacitance of i-th 50 nm
conductor)
13 w (Conductor spacing) 22 nm
14 H (Height of conductor above 50 nm
ground plane)

the g-th neuron of the p-th layer, and wa is the synaptic
weight linking the a-th neuron of the g-th layer to the p-th
neuron of the p-th layer. Once the weights and bias terms of (3)
are optimized to minimize the mean squared error loss function

faw,b) = le‘,uym (0.9 -20.9)[; )
t k=1

the secondary ANN is said to be trained. Here, w and b refer to
the full set of weights and bias term in (2)-(3). At this point, it
is emphasized that the cost of generating the training dataset for
the secondary ANN is very cheap given that the ESC model is
substantially smaller in size than the MCC model [7].
Moreover, given that the ESC model is an approximation of the
MCC model, the secondary task of fitting the mapping
functions of (2)-(3) is expected to be similar to the target task
of fitting the original mapping functions of (1). Thus, the
secondary ANN is ready for transfer learning.

C. Transfer Learning: Training the Primary ANN

In the second step, the secondary ANN architecture along
with the optimized values of the weights and bias terms in (3)
is used as an initial guess to start the optimization process of the
primary ANN of Section II A. The rationale behind this choice
is that given the similarity of the tasks performed by the
secondary and the primary ANNs, the optimal values of the
weights and bias terms in the primary ANN will be close to the
values of the secondary ANN. Therefore, the number of
training samples, NV, in the training dataset for the primary ANN
required to refine the weights and bias terms from their initial
guesses to their optimized values will be significantly reduced
compared to the conventional training process where the initial
guess of the weights and bias terms are randomly selected. In
other words, the number of SPICE MCC model simulations
required to train the primary ANN will be reduced. This benefit
is validated by a numerical example in the next section.

III. NUMERICAL RESULTS AND DISCUSSIONS

In this section, a 3-line MWCNT interconnect network as
shown in Fig. 1 is considered. The variability in the geometrical
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(b) peak crosstalk at node N2 at 1000 testing points for different
ANNS trained using 350 MCC samples.

and physical parameters of the interconnect is provided in Table
L. In this example, Line 1 and 3 are the active lines while Line
2 is quiet. The SI quantities of interest for this example are the
50% delay time (¢50) for the active line and peak crosstalk (7))
for the victim line. The statistics of these SI quantities are
evaluated using a Monte Carlo based analysis with 20,000
samples. The Monte Carlo analysis is performed using the
following methods — the direct method using 20,000 SPICE
MCC model simulations, an ANN trained using the
conventional training method of Section II A, an ANN trained
using the well-known source difference (SD) [6] and prior-
knowledge input (PKI) methods [10], and an ANN trained
using the proposed TL approach. All ML techniques utilize the
same training dataset of N, = {100, 200, 300, 350, 500, 600,
700, 800, 900, 1000} Latin hypercube sampling points and a
common testing dataset of 1000 points. All ANN models use a
single hidden layer, hyperbolic tangent activation function, and
the Levenberg-Marquardt optimizer. The conventional ANN
requires 11 hidden neurons and 4000 epochs for training, the
SD ANN requires 8 hidden neurons and 2000 epochs for
training, and the PKI ANN requires 9 hidden neurons and 2000
epochs for training. The proposed ANN trained using the TL
approach requires 10 hidden neurons for both the secondary and
target ANN. In Fig. 2, the decay of the testing error with the
increasing number of training points for all the above ANNs is
displayed. From Fig. 2, it is clear that the proposed TL approach
requires the smallest number of training samples (350 MCC and
500 ESC samples) compared to not only the conventional ANN
(900 MCC samples) but also the SD and PKI ANNs (600 and
800 MCC samples respectively, each with a further 500 ESC
samples) to reach the error threshold of 5 fs and 4.5e-5 V for
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delay time and peak crosstalk, respectively. This corresponds
to the proposed TL approach exhibiting the best speedup of
roughly 2.5x over the conventional ANN during training. This
is illustrated in the scatter plots of Fig. 3. Finally, the probability
density function of the SI quantities of interest obtained using
the proposed TL approach and the direct Monte Carlo approach
are compared in Fig. 4.

IV. CONCLUSION

In this work, a novel transfer learning approach is developed
to expedite the training of conventional ANNs when
performing variability-aware signal integrity analysis of on-
chip MWCNT interconnects. The key attribute of the proposed
transfer learning approach is its ability to reuse the knowledge
gained from training a related secondary ANN to intelligently
accelerate the optimization of the primary ANN.
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Abstract—In this paper, we present an improved methodology
to achieve good correlation between measured and modeled
high frequency data for sockets. The resulting technique was
applied to a land grid array (LGA) socket, designed to provide
a detachable solution between a microelectronic package and
a printed circuit board (PCB), while simultaneously satisfying
the stringent electrical requirements for high speed signaling.
Test vehicles were assembled with surface mount LGA sockets
on test boards and a removable test package. 4-port and 12-
port S-parameter measurements were performed on the test
vehicle assembly. The socket only insertion loss and return loss
performance was extracted using a de-embedding process. A good
correlation was achieved between de-embedded measured and
modeled differential-ended (DE) insertion loss (IL) data from
DC to 16 GHz. For the first time such good correlation for de-
embedded high frequency socket data has been reported as per
the authors’ best knowledge.

Index Terms—LGA socket, methodology, correlation, SI

I. INTRODUCTION

Within the last decade, there has been a drastic increase
of data speeds in microelectronic systems, driven by appli-
cations such as big data, cloud services, and more recently
by artificial intelligence, machine learning, and autonomous
driving applications. To enable such data speed increases, there
has been a continuous effort in developing low-loss substrates
for both packages and PCBs, interconnect conductors with
better surface finish, low-loss cables, connectors with low-
loss and better shielding, smooth impedance transition between
different channel components, and strategic routing strategies
to lower the overall noise budget. Each of the component
designs has its own challenges and requires individual signal
integrity budgeting to successfully achieve the desired data
rate. In a set of microelectronic systems, socket is an important
component between the package and the PCB and one of the
major contributors for impedance discontinuity and crosstalk
within the channel. Hence, it is important to validate the
performance of a socket on its own to effectively implement
a successful channel.

LGA sockets, which are commonly used in microprocessor
systems, are surface mounted (SMTed) on top of a PCB.
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A certain amount of force is applied after the micropro-
cessor package is inserted into an LGA socket to establish
and maintain good electrical contact. Several factors should
be considered to achieve a good high frequency electrical
measurement to modeling correlation of a socket. For ex-
ample, loading mechanism of the socket should be well
controlled to mimic the desired loading condition. Developing
a comprehensive yet focused methodology for high frequency
socket characterization is important to produce high quality
measurement data and build confidence in the corresponding
high frequency socket models. A well correlated model will
provide stronger confidence for the channel link simulation
results and consequently on the overall system performance.
In literature, few earlier works exist for high frequency
socket validation and correlation [1], [2]. However, majority
of the previous work do not comprehend de-embedded socket
measurement to modeling correlation. Post de-embedding cor-
relation is specifically challenging, as any errors from probe to
probe data can get accumulated. To reduce the error, different
sources of uncertainties need to be addressed and removed,
as much as possible, for better correlation. In this work, we
have addressed several of these uncertainty factors, which
can impact the measurement to modeling correlation, and
demonstrated good post de-embedding correlation.

3 ——— W
Socket is under the test package

Fig. 1: Measurement setup of the SUT assembly using PNA.

II. TEST VEHICLE DESIGN

The test vehicle (TV) in this study contains three parts: a)
Test package, b) socket under test (SUT), and c) test PCB. Low
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loss PCB and package materials were chosen to minimize cal-
ibration and de-embedding errors. Since the primary objective
of this study was to extract SUT-only characteristics, a test
package and PCB with minimum number of layers were used,
instead of using a typical microprocessor package and PCB
stack-up with a large layer-count. The TV assembly with the
loading fixture is shown in Fig. 1. S-parameter measurements
were performed at different test sites within the TV to extract
the key signal integrity parameters. These included: 1) DE IL,
2) DE return loss (RL), and 3) DE crosstalk. The test sites are
shown in Fig. 2(a). ‘Pair 1’ is for characterizing DE IL and
RL, which is measured by a 4-port VNA. ‘Pairs 2, 3, and 4’
are for characterizing DE crosstalk, which is measured by a
12-port VNA.

Once the SUT assembly is measured, the S-parameter
results are de-embedded to extract socket-only parameters.
Individual de-embedding structures were included within the
test package and PCB with a 2X through length to remove the
effect from long traces. Automated fixture removal (AFR) was
used as the de-embedding methodology as AFR enables use
of a small number of de-embedding structures on TV without
compromising the quality [3]. Full-wave 3D simulations were
performed on specific portions of the TV model using the
SUT, package and PCB layer stack-up to mimic the assembly
test conditions. A model assembly of the ‘Pairs 2, 3, and 4’
crosstalk site is shown in Fig. 2(b).

III. VALIDATION METHODOLOGY DEVELOPMENT

A comprehensive validation methodology was developed
for the measurement to modeling correlation process, which
takes into account some key uncertainties that impact the SUT
measurement process and results. These are reviewed next.

A. Test PCB Impedance

The glass weave direction and fabrication process variation
can impact the impedance of the manufactured traces within
the test board. Too much impedance variation among the
traces impacts the amount of accumulated error in the post
de-embedding results. To remove this uncertainty, impedance
screening of the test boards using time domain reflectometry
(TDR) was performed and only boards meeting impedance
target of nominal +5% were used for SUT assembly and
tests. Even though this manufacturing and screening process
qualified approximately 30% of the total test boards, this was a
crucial step to have high quality de-embedded measured data.
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B. Solder Ball Shape

As the sockets are SMTed, another important parameter to
consider is the resulting solder ball shape and geometry under
the socket pins. High frequency performance results have
been shown to be very sensitive to the solder ball shape [4].
Methodology from [4] was adopted to approximate the solder
ball geometry for SUTs in this study. These were confirmed
afterwards by also (destructive) cross-section measurements.

C. Socket Deflection Condition

As mentioned earlier, the high frequency response of the
SUT is dependent upon the socket deflection condition. If the
applied normal force on the SUT is not well controlled, then
the deflection condition of the SUT will be different from the
one assumed in the model, and can result in poor correlation.
A controlled loading structure with high precision of deflection
tuning capability (£5 pm) was specifically designed for this
study to provide the desired deflection condition. The two ends
of the possible deflection conditions for the SUT were termed
as a) the maximum deflection, and b) the minimum deflection.
The numeric mean of these two cases is termed as the average
deflection.

In addition to these major uncertainty factors, there can be
few additional sources of error such as warpage and manufac-
turing tolerances, that can also induce additional errors for the

correlation.
Impedance Package + Socket + Board -
Screened Boards Assembly Measurement \_ .

Meas Package De- 4 Meas Board De-
embedding Str. \U embedding Str.

AFR De-¢fnbedding

AFR De-enbedding

Correlation
(TDR, Freq domain)

L/

Physical parameter
(mismatch between model
and actual part)
adjustment

Fig. 3: Validation methodology adopted for SUT model to
measurement correlation.

The flow chart for the resulting proposed correlation
methodology is shown in Fig. 3. As a first step, the impedance
screened boards are used to construct the TV assembly. AFR
de-embedding was performed using the package and board
de-embedding structures. On the modeling side, a similar
approach was adopted with the model construction of complete
TV, followed by AFR de-embedding. If the measurement to
modeling correlation is not satisfactory, then further effort is
spent to close the gap between model and actual TV physical
geometries until good correlation quality is achieved.

IV. RESULTS

Three different test vehicles were constructed for data
collection and all the measurements were performed at room
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Fig. 4: Correlation at TV test site ‘Pair 1’ for: (a) Pre and post
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temperature condition. The DE IL, and RL plots at TV
test site ’Pair 1’ are shown in Fig. 4. The de-embedded IL
correlation shows very good agreement between measurement
and modeling up to 16 GHz. To show the correlation quality
graphically, pre de-embedding and post de-embedding DE IL
are plotted at the same scale and the relative values shown. As
the pre-deembedded data includes effect of package and board,
the process variation in those parts can impact the correlation
quality. De-embedding process is specifically important in
this aspect as it removes the dependency from peripheral test
structures. Similarly, the post de-embedding DE RL shows a
good correlation quality.

The far-end crosstalk (FEXT) and near-end crosstalk
(NEXT) correlation plots among the test sites ‘Pair 2’, ‘Pair 3°,
‘Pair 4’ under average deflection condition are shown in Fig. 5.
FEXT and NEXT correlation plots are without de-embedding,
as the de-embedding process becomes challenging with higher
order port numbers. However, the crosstalk contribution from
the test package and board were kept at least 10 dB lower
compared to the socket crosstalk contribution, so that the
crosstalk from socket becomes dominant in pad-to-pad FEXT
and NEXT measurements. In general, very good measurement-
to-modeling correlation was observed for the signal patterns
included in this TV, even at -70 dB crosstalk levels.

V. CONCLUSION

In this work, an improved methodology for high frequency
socket validation was described to achieve good measurement
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Fig. 5: Correlation for: (a) FEXT between ‘Pair 2’ and ‘Pair
3’, (b) NEXT between ‘Pair 3’ and ‘Pair 4°.

to modeling correlation for LGA sockets used in micropro-
cessor systems. Various sources of uncertainty factors that
can impact the correlation quality were investigated along
with techniques to address them. Key uncertainty factors
were found to be PCB impedance variations, accuracy of
solder ball modeling, and the loading condition of the socket
assembly. With the proposed methodology, good correlation
was achieved for key signal integrity metrics such IL, RL,
and crosstalk for test LGA sockets. Use of de-embedding was
another key challenge, yet an important feature of the proposed
methodology to characterize and correlate the socket-only
performance metrics. Future work will address the remaining
uncertainty factors that have not been addressed here, to fur-
ther improve the correlation quality and at higher frequencies.
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Abstract— A novel on-dual in-line memory module (on-
DIMM) low-pass filter (LPF) using via stubs is proposed to
enhance signal integrity. Proposed on-DIMM LPF implemented
with existing via stubs not only eliminates the via stub effects,
but also enhances the signal quality due to its low-pass
characteristics without additional manufacturing processes and
costs. For verification, both time- and frequency-domain
simulation results of proposed DQ signal line with on-DIMM
LPF are shown and compared with conventional DQ signal line.
Proposed on-DIMM LPF exhibits 0.67 dB improvements at 2.8
GHz (nyquist frequency of 5.6 Gbps) shows relatively flat and
improved insertion loss. Simulated eye height is improved for 29
mV and 20 mV and eye width is improved for 4.2 ps (0.02 UI)
and 3.6 ps (0.02 UI) respectively at 4.8 Gbps and 5.6 Gbps.
Finally, measurements verification with test board of on-DIMM
LPF is also conducted and shows improvements in insertion loss
and eye diagram

Keywords—Dual In-line Memory Module (DIMM), Low Pass
Filter (LPF), Signal Integrity, Via stub

I. INTRODUCTION

As recent server systems demand high capacity memories
with higher speed, next generation double data rate 5 (DDRS)
- dynamic random access memory (DRAM) is expected to
achieve data rates as high as 6.4 Gbps. As the density of dual
in-line memory modules (DIMMs) and data rates increase
rapidly, designing DIMMs becomes more challenging than
ever. To ensure signal integrity at such higher speeds, there
are many non-ideal effects degrading signal integrity to be
considered such as insertion loss, impedance mismatching,
losses of copper and substrates, discontinuities, via stubs
effect and cross-talk, etc [1]. In practical DIMMs, plated
through-hole (PTH) vias are mostly used to interconnect the
outer layer to inner layer because of their cheap cost and ease
of manufacturing. However, PTH vias inevitably make
useless portion of via such called ‘via stub’ because of their
own manufacturing process. Via stub is main factor of
deteriorating signal integrity because it makes signal detour
[2]. To eliminate via stubs, buried or blind vias can be adopted
in multilayer DIMMs. Also, back-drilling technology can
remove via stubs, but these methods increase complexity of
design procedure and manufacturing costs [3].

In RF systems, butter-worth filter usually used when its
maximally flat insertion loss in pass-band and adequate skirt
response is needed [4],[5]. Also, in high-speed digital systems,
flat insertion loss without fluctuation is essential to ensure
signal integrity. To obtain maximally flat insertion loss with
eliminating via stub effects, we proposed a novel on-DIMM
low pass filter (LPF) using via stubs in this paper. To enhance
the insertion loss of conventional DQ signals, 3™ order butter-
worth LPF implemented with existing via stubs and additional
stub is proposed. The proposed on-DIMM LPF not only
eliminates via stub effects, but also enhances the signal quality
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Fig. 2. Schematics of (a) ideal 3rd order LPF models and (b) proposed DQ
signal line with 3™ order butter-worth LPF using via stubs in DIMMs.

due to its LPF characteristics having flat insertion loss in
passband. Also, proposed on-DIMM LPF can be implemented
easily without any additional manufacturing processes and
costs. Finally, simulation results in time- and frequency-
domain are shown for verification. Proposed On-DIMM LPF
exhibits flat and improved insertion loss up to 3.91 GHz when
compared with conventional DQ signal line. Simulated eye
diagram of proposed DQ signal line with on-DIMM LPF also
shows improvements in eye height and width.

II. ON-DIMM Low-PASS FILTER USING VIA STUBS

A. Traditional DQ Bus Topology

Conventional DQ bus topology in DIMM is shown in Fig.
1. It shows the connection from tab (module gold finger) to
DRAM including microstrip in outer layer, stripline in inner
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Fig. 3. Implementations in practical DIMMs. (a) Conventional DQ signal
line and (b) proposed DQ signal line with 3' order butter-worth LPF using
via stubs.

layer with PTH via that connect the transmission lines
between layers, back to top layer with another PTH via and
pad. Two main reasons which deteriorate signal integrity are
via stubs and impedance mismatches between components.
Especially, via stubs are main factor which makes high-speed
signaling challenging. We proposed a novel scheme to
enhance signal integrity using via stubs as implementing 3™
order LPF in following chapters.

B. Low-Pass Filter Design

Microwave filters including low-pass filters can be
realized with various types using open stubs, transmission
lines, defected grounds structures and resonators [6]. To
design low-pass filter, we can begin with LC ladder-type
lumped model as shown in Fig.2 (a). Ideal 3™ order LPF can
be implemented with two series inductors and one shunt
capacitor for lumped model. Filters can be characterized by
their own filter element values of lumped model such as g1,
g2 and g3. Because lumped element inductors and capacitors
are difficult to implement in practical DIMMs at microwave
frequencies, distributed models such as open or short-circuited
transmission lines are used to implement filters. Distributed
model in Fig. 2(a) can be transformed using Richard’s
transformation and Kuroda’s identities from lumped model
and implemented with open stub and series transmission line
as shown in Fig. 2(a). In our case, we designed maximally flat
(butter-worth) LPF to enhance insertion loss in fundamental
frequencies. To implement 3™ order butter-worth LPF, filter
element values should be specific values, g1, g3 =1 and g2 =
2. [6].

C. Proposed DQ Bus Topology with On-DIMM LPF using
Via stubs

In Fig.2 (b), schematics of proposed DQ signal with 3
order butter-worth LPF using via stubs is shown. Impedance
of series and parallel transmission lines for 3™ order low-pass
filter is as follows respectively:
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Fig. 5. Comparisons of simulated eye diagram between conventional and
proposed practical DQ signal line at (a) 4.8 Gbps and (b) 5.6 Gbps.
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As shown in Fig.2 (b), two existing via stubs are used for
implementing 3™ order butter-worth LPF with series two
transmission lines and additional open stub line. This filter
eliminates open stub effect with exhibiting low-pass
characteristics to enhance signal integrity.

Conventional DQ signal line in practical 1 rank registered
DIMM is shown in Fig. 3 (a). Total thickness of DIMM is
1.27 mm with multiple layers. PTH vias interconnect
microstrip of top layer to stripline of inner layer with two via
stubs. Proposed DQ signal with on-DIMM LPF using via
stubs in previous section is adopted in practical DIMMs as
shown in Fig. 3 (b). Thinner inner line with 2Z, and additional
open stub with 0.5Zy combined with two existing
conventional via stubs can exhibit LPF characteristics in
proposed DQ signal line, while conventional DQ signal line
is composed with transmission lines with Zo. To implement
3" order butter-worth filter ideally, characteristic impedance
of via stubs should be 2Z,. But via-hole in multilayer PCBs
usually exhibits relatively lower impedance due to parasitic
capacitances. As Z.i, increases approaching to 2Zo, proposed
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on-DIMM  LPF exhibits ideal butter-worth LPF
characteristics. There are some ways to increase impedance
of via-hole in multilayer PCBs (e.g. increasing anti-pad size,
decreasing via drill size) [7]. But in practical manufacturing
process of DIMM, it is hard to tune via impedance finely. So,
we proposed practical version of our proposed on-DIMM
LPF without modifications on via-hole dimension to simplify
design and manufacturing process. Even though implemented
on-DIMM LPF is not ideal 3™ order butter-worth filter due to
difference in via stubs impedance, it still can behave
approximately 3™ order butter-worth filter, which exhibits
flat insertion loss in its pass-bands.

III. VERIFICATIONS

For verification, both time- and frequency-domain
simulations of proposed DQ signal lines with on-DIMM LPF
are shown and compared with conventional DQ signal lines.
In Fig. 4, insertion losses of two cases of proposed DQ signal
line with LPF are shown and compared with conventional DQ
signal line. The black dotted-line represents the insertion loss
of ideal proposed DQ signal line with ideal 3™ order butter-
worth LPF (Z.ix=2Z¢). It shows flat insertion loss and
relatively smaller cut-off frequency when compared with the
insertion loss of conventional DQ signal line. The blue solid
line exhibits proposed DQ signal line with practical 3 order
LPF (Zvia#2Zo). As Zia increases approaching to 2Zo,
insertion loss is improved and exhibits ideal LPF
characteristics as shown in Fig. 4. Both practical and ideal
proposed DQ signal line show similar flat insertion loss up to
3.07 GHz and show enhancements in insertion loss when
compared with conventional DQ signal lines up to 3.91 GHz
and 4.39 respectively. When considering data rate of 5.6
Gbps, the ideal and practical proposed DQ signals show
—0.46 dB and at nyquist frequency (2.8 GHz), while
conventional DQ signal line exhibits -1.13 dB. Proposed DQ
signal line with practical LPF shows degradations around 4~8
GHz, but degradation in this frequency range does not affect
signal integrity much up to 6 Gbps, because insertion loss of
nyquist frequency is greatly enhanced. We also compared
eye diagrams obtained through time-domain simulations with
simplified DDRS interface channel consist of host package,
mother board, DIMM connector and DIMM. Fig. 5 shows
estimated eye diagram of conventional and proposed DQ

signal line with 4.8 Gbps and 5.6 Gbps data rates respectively.

The eye height is improved for 29 mV and 20 mV and eye
width is improved for 4.2 ps (0.02 UI) and 3.6 ps (0.02 UI)
respectively at 4.8 Gbps and 5.6 Gbps.
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Finally, we verified our proposed on-DIMM LPF using via
stubs with measurements. We have made simplified test board
of proposed on-DIMM LPF with changing design parameters
including stack-up and pattern widths. As shown in Fig. 6,
both simulated and measured results of test board show good
agreements. Measured insertion loss of proposed on-DIMM
LPF is improved for 0.689 dB and 0.55 dB at 2.4 GHz and 2.8
GHz respectively. Fig. 7 shows measured eye diagrams at 4.8
Gbps and 5.6 Gbps data rates. The eye height is improved for
53 mV and 22 mV and eye width is improved for 6.3 ps (0.03
UI) and 8.9 ps (0.05 UI) respectively at 4.8 Gbps and 5.6 Gbps.

IV. CONCLUSIONS

In this paper, a novel on-DIMM LPF using via stubs for
enhancing signal integrity of DQ signals is proposed in
practical DIMMs. 3™ order LPF is adopted without any
additional costs and manufacturing processes. Both frequency
and time-domain results are shown to verify improvements of
proposed structure in signal integrity. Proposed DQ signal line
with novel on-DIMM filters show great enhancements
especially in eye height and can be one of solutions in enabling
DDRS DRAM to operate up to 6.4 Gbps.
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Abstract—In DDRS dual-in-line-memory-modules (DIMM:s),
a registering clock driver (RCD) receives control, address, clock
signals from CPU and re-drives them to dynamic random access
memories (DRAMs) through transmission lines on printed
circuit board (PCB). Especially, clock signals operate at double
data rate (DDR) which makes it substantially difficult to
guarantee signal integrity (SI), whereas control, address signals
operate at single data rate (SDR). As of now, JEDEC standards
prescribes that the effective characteristic impedance of clock
signals be as low as 22.5 Ohm for DDRS DIMMs. With the strict
restriction on the physical dimensions of PCB set forth by
JEDEC, along with the fact high permittivity materials have
already reached their limit, there is a limit to achieve low
characteristic impedance with current PCB fabrication
processes including increasing signal width, use of high
permittivity materials and close reference plane. Therefore, we
propose a novel differential signal routing method so as to
achieve low characteristic impedance, and consequently wider
bandwidth for high-speed and large-capacity DDRS DIMM:s.
With the proposed structure on DIMM, the system bandwidth
can be extended by 12%, allowing 7.2Gbps operation of DDRS
Mono DRAM.

Keywords—DDRS dual-in-line memory module (DIMM),
Differential signal, Clock, Characteristic impedance, Routing
method, Printed circuit board (PCB)

I. INTRODUCTION

The rise of artificial intelligent and fourth industrial
revolution encourage data centers to demand high-speed and
large-capacity memory modules. To meet the increasing
market demand, DDRS5 DIMMs are supposed to support up to
7.2Gbps and high-capacity memory modules implemented 3-
dimensional die stack (3DS) chip using wire bond packaging
technology. As operation speed is getting faster and the
amount of loadings keeps increasing, it becomes much harder
to guarantee the fastest operating clock signal’s SI. DDRS
DIMMs adopted differential pair clock signal for better SI. In
PCB interconnect, a clock signal pair is close to each other
pair to make strong coupling between them so that fringe-out
to another signal lines and crosstalk attenuate. Furthermore, it
has advantages in terms of common-mode noise and non-ideal
reference plane problems [1], [2].

Sub-channel A «» Sub-channel B

1st DRAM 2" DRAM 3" DRAM 4t DRAM 5t DRAM
| e—— —— [ — =]

E——
CKI1/CK1B

Top 1t DRAM

On account of DDR5 memory module’s channel
environment, the amount of DRAM chip loadings and
operation speed, JEDEC has lowered clock signal’s effective
characteristic impedance than DDR4- 42.5 Ohm (differential
impedance 85 Ohm) for DDR4, 22.5 Ohm (differential
impedance 45 Ohm) for DDRS. Nevertheless, it is not as low
as to secure enough peak-to-peak voltage for next generation
of DDRS5 and DDR6 DIMMSs. The use of lower impedance
has been studied for high-speed and large capacity DIMMs.
However, PCB manufacturers struggle with conventional
method to lower clock signal’s effective characteristic
impedance below 20 Ohm due to the limit of physical
dimensions prescribed by JEDEC standard and high
permittivity materials. In order to design clock signal’s
effective characteristic impedance lower than 20 Ohm, we
propose a novel routing method for differential signals as in
the following.

II. PROPOSED ROUTING METHOD

DDRS DIMM’s clock signal connection between RCD
and DRAMs is shown in Fig. 1. A pair of CK1/CKIB is
connected to top-side DRAMs and another pair of CK2/CK2B
is connected to bottom-side DRAMs. In general, memory
module company prefer to design each pair of clock signals
enclosed by reference plane, edge-coupled strip-line, in
different layer from one another as depicted in Fig. 2 so that
no coupling occurs between pairs but within itself and with
reference plane since clock switch at the highest speed and can
be easily noise source to other signals. Conventionally, we
design signal line wide or close to reference plane to make
characteristic impedance low. However, there is no enough
room for increasing signal width due to high routing density
of DDR5 DIMM PCB and not easy to decrease dielectric
material thickness due to manufacture difficulties and cost
burden. For the aforementioned reasons, 20 Ohm is as low as
characteristic impedance of clock signal line can have, given
that space resource is strictly restricted by JEDEC standard
and high permittivity materials have reached the limit.

Fig. 3 (a) and (b) show the proposed novel routing
methods to design clock signal characteristic impedance
lower than 20 Ohm. Proposed routing methods induce both

CK2/CK2B
Bottom o

Fig 1.
CK2/CK2B
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PCB interconnection shcematic diagram of DDRS5 DIMM’s clock signals. Top-side DRAMs connected to CK1/CK1B and bottom-side DRAMs to



horizontal and vertical coupling by placing odd mode, 180°
anti-phase, operating signals close so as to face side-by-side
and up-and-down. In comparison with conventional method,
proposed method has stronger odd mode coupling caused by
the other clock pair so that effective total capacitance increase
and effective total inductance decrease. As a result, effective
characteristic impedance decrease depending on how close
two clock pairs are. It is worthy to note that keep each clock
signal routing length same so that differential signals
maintain 180 ° anti-phase as far as possible. Otherwise,
characteristic impedance gets higher than expected since
differential pairs do not perfectly operate as odd mode due to
phase delay caused by length differences. Both proposed
methods have same characteristic impedance, but Fig. 3 (a) is
better suited on account of RCD pin location. Therefore, we
compare conventional method Fig. 2 with the proposed

method Fig. 3 (a) to verify superiority of the proposed method.

In order to analyze electrical performance in terms of
characteristic impedance, AC gain and peak-to-peak swing
voltage, the 2Rx4 RDIMM registered on JEDEC is selected
for reference design. The dielectric material used for
reference design has relative permittivity er=3.8, loss
tan 06=0.02 at 1 GHz and the conductivity of copper is
5.959x107 [S/m]. The stack-up information such as width and
height is shown in Fig. 2 and Fig. 3. The trace lengths of clock
signals for each section, RCD to DRAM and DRAM to
DRAM, are as long as follows. Via connecting strip-lines
RCD to 1% DRAM 28mm, 1% DRAM to 2" DRAM 17mm,
2" DRAM to 39 DRAM 17mm, 3 DRAM to 4™ DRAM
17mm, 4" DRAM to 5" DRAM 17mm and every micro-strip
lines connecting via to RCD and DRAMs 0.5mm [3].

150um

Fig. 2. Cross-section PCB view of conventional clock routing method
CK1 CKI1B Ié
=
(a)
CK1 CK2B I§
= K1B g

(b)

Fig. 3. Cross-section PCB view of proposed clock routing (a) method 1 (b)
method 2
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III. VERIFICATION OF THE PROPOSED METHOD

Table 1 shows self, mutual inductance and capacitance
simulation results conducted with HSPICE field solver and
effective characteristic impedance calculated by Eq. (1) and
(2). In contrast to conventional method trying to lower Lyt
and raise Ciir, the proposed method makes effective Liuwaiand
Conutual higher by locating 180 ° anti-phase signal close - CK1
nearby CKI1B and CK2B. This result shows effective
characteristic impedance can be as low as 10 Ohm when the
gap between CK1 and CK1B is 42 um, but 13 Ohm to keep
JEDEC standard PCB stack-up since the gap is restrained by
62 um. To verify the performance of practical application, we
set the gap as 62 um for proposed method in the following
simulations. HSPICE is used to perform frequency and time
domain simulation. Conditions and models used in simulation
are depicted in Fig. 4.

TABLE L. LC AND EFFECTIVE CHARACTERISTIC IMPEDANCE (a)
CONVENTIONAL METHOD (b) PROPOSED MEHOD ON GAP BETWEEN CK1-
CKI1B AND CK2-CK2B

Parameter S;;;ig;i;ﬁ: 2:; Proposed
Gap - 42um 62um 302um

Leki seir [nH] 158 144 151 177
Lexi-ckis [nH] 8 7 8 16
Leki-ckos [nH] 78 67 19
Leki-cke [nH] - 6 7 8

Cexi_serr [PF] 269 417 348 244
Ccxi_cxis [PF] 14 7 9 20
Cexi_cxas [pF] 226 153 25
Ceki_cka [pF] - 4 5 6

Zcki e [Ohm] 23 10 13 23

(LCKLself - LCKl—CKlB)

ZEd - led = ( ) (1)
ge—couple - (CCKl_SEIf + CCKl—CKlB)

( Lega seif — Leki—ckas )
—Leki-ck2p + Leki—cke

2
Cek1_setf + Cexi-ckip ) @)

ZProposed =

(+CCK1—CKZB - CCKl—CKZ

The simulated CK1 effective characteristic impedance
results of the edge-coupled and proposed routing for both
Mono and 3DS 2Rx4 RDIMM are shown in Fig. 5 time-
domain-reflectometry(TDR) plot using 20ps rise time when
CK1B and CK2B operate as differential mode and CK2
operates as common mode. Since routing dimension is
symmetric, all signals have same impedance. From left to right
of the plot, it shows impedance profile of the signal routing
from RCD pad to 5" DRAM. As it can be seen, the
impedances of routing section from RCD pad to 1% DRAM
match up well with the calculated impedances shown in Table
1. The proposed routing has lower impedance so that it
matches better than the edge-coupled routing counterpart due
to impedance dips observed at via connecting DRAMs.

The AC characteristics of 5" DRAM, farthest from RCD,
with Mono DRAM and 3DS DRAM are shown in Fig. 6 (a)
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and (b). The farthest DRAM has the biggest loss and worst
AC performance due to the longest PCB trace length and
biggest loadings. As can be seen, when 3DS DRAMs are used
worse AC performance than mono DRAMs are used due to
bigger loadings. The proposed method exhibits substantially
wider bandwidth, cut-off frequency of 200 mV, than
conventional method improved from 3.37 GHz to 3.78 GHz
(+ 12 %) with Mono DRAM, from 2.61 GHz to 2.85 GHz (+
9.6 %) with 3DS DRAM. This bandwidth extension occurs as
a result of propsoed routing mehod’s effective characteristic
impedance which is 10ohm lower than conventional method.

For more intuitive analysis, transient simulations of 5%
DRAM are shown in Fig. 7. It is notable that with the proposed
method remains over 200 mV clock swing up to 7.2 Gbps for
Mono DRAM and 5.2 Gbps for 3DS DRAM. This result
shows the proposed routing scheme has better SI performance
at high speed and with high loadings as has also been
demonstrated in aforementioned AC characteristic simulation
results.
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Channel condition of top-side and bottom-side clock signal pairs with model descriptions used for both frequency and time domain simulations
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IV. CONCLUSION

In this paper, we proposed a novel PCB routing method
which drives coupling between 2 pair of clock signals,
consequently increases total mutual inductance and
capacitance leading to decreasing effective characteristic
impedance. This result is of significance to guarantee clock
signals’ SI for high-speed and high-capacity DDR5 memory
module without any routing space overheads or even with
better routing space efficiency. It is expected to adopt the
proposed routing method for upcoming DDRS memory
modules supporting over 6.4 Gbps speed. We are in process
of PCB artwork for the upcoming DDR5 memory modules
and they will be verified in comparison with simulation
results in the near future.
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Abstract— Radiation characteristics of on-chip patch antennas
are limited by the metallization and dielectric properties of the
back-end of line (BEOL) silicon manufacturing processes. A 300-
GHz on-chip patch antenna is designed using a radio frequency
(RF) complementary metal-oxide-semiconductor (CMOS)
process. The radiation efficiency, peak gain, and impedance
bandwidth improve upon encapsulation of the antenna with IC
packaging epoxy mold compounds (EMCs). In addition, high-
frequency conduction and dielectric losses are analyzed, and their
effects on antenna radiation efficiency are quantified in this paper.
The overall radiation efficiency is shown to improve by 25%, peak
gain by ~3 dB, and the —10-dB return loss bandwidth improves
from 3 GHz to 18 GHz by encapsulating a 300-GHz on-chip patch
antenna within commercially available EMCs.

Keywords—mmWave, semiconductor
packaging

on-chip  antenna,

I. INTRODUCTION

The frequencies between microwave and infrared bands on
the electromagnetic spectrum are referred to as the mmWave
(30-300 GHz) and terahertz (0.3-10 THz) bands. These
frequency bands are being used for numerous applications,
including wireless communication, imaging, non-destructive
testing, spectroscopy, and others [1-3]. Systems operating at
mmWave and THz frequencies demonstrate wide fractional
bandwidths, enabling high data rate applications [4]. This is
made possible by implementing these systems on a single
integrated circuit (IC) or using multiple chips within the same
semiconductor package (system-in-package). With the increase
in operational frequency, the corresponding wavelength
reduces, consequently reducing the size of frequency-dependent
microstrip  transmission-line-based  passive  electronic
components such as filters, baluns, couplers, and others. The
size of mmWave and THz antennas also reduces when
compared to similar antennas designed to operate in the
microwave bands. Miniaturization of these antennas enables
them to be implemented on-chip or within semiconductor
packages. Moreover, losses due to interconnects are minimized
by having antennas on-chip or on the package instead of routing
lossy interconnects to external antennas. Implementation of
antennas on-chip or within semiconductor packages also
eliminates the need for mmWave routing on PCBs, thereby
reducing the manufacturing cost of mmWave and THz systems
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since standard materials such as FR4 can still be used for the
manufacturing of PCBs housing high-frequency systems.

Prior work published in [5] and [6] has shown improvement
in radiation characteristics of an on-chip patch antenna, designed
in a 65nm complementary metal-oxide-semiconductor
(CMOS) process upon encapsulation using mold compounds
based on silica microparticles dispersed in an epoxy matrix. The
same technique is implemented to demonstrate a 25%
improvement in radiation efficiency, ~3 dB improvement in the
peak gain, and 6X improvement in the —10-dB impedance
bandwidth (from 3 GHz to 18 GHz) of a 300-GHz on-chip patch
antenna designed and simulated incorporating the design rules
of a nine-metal layer RF CMOS process. Effects of placing five
epoxy mold compound (EMC) encapsulation materials are
analyzed, and the factors contributing to the reduction in
radiation efficiency of encapsulated on-chip patch antennas are
analyzed and presented in this paper.

II. ISSUES ASSOCIATED WITH ON-CHIP PATCH ANTENNAS

Patch antennas are planar structures that are comparatively
easy and straightforward to implement on-chip, using the back-
end of line (BEOL) metallization and dielectric stack. However,
these antennas operating in the mmWave and THz frequency
bands suffer from poor radiation efficiency due to ohmic (I’R)
losses from the metal layers of the BEOL and high dielectric loss
tangents of the EMCs at these frequencies. Moreover, there is
loss of radiated power to generated higher-order surface wave
modes, which further limits the antenna radiation efficiency.
The antenna aperture determines the gain, and the —10-dB return
loss bandwidth of patch antennas depends on the separation of
the patch from its ground plane and the properties of the
dielectric material within, which is also limited in a typical
silicon process. Furthermore, antennas designed on-chip, and
within IC packages must conform to the process fabrication
constraints. These antennas also suffer from process variation
and fabrication tolerances due to their small form factor.
Furthermore, proximity to off-chip components cause reflection
and absorption of electromagnetic energy, further degrading the
directionality and overall radiation performance of these
antennas.

In references [5] and [6], it was demonstrated that typical
packaging materials used in low-cost quad-flat no-lead (QFN)
packages could be utilized to improve on-chip patch antenna



performance. In addition, it was shown that as the permittivity
of the mold compound encapsulating the antenna increases, the
antenna becomes a more efficient radiator because of the
increase in the energy of fringing fields responsible for radiation.
The same technique is used in this work to compare and analyze
the performance of five EMC materials whose dielectric
properties are listed in Table 1.

TABLE 1. DIELECTRIC PROPERTIES AND CHARACTERIZATION
FREQUENCY OF ENCAPSULATION MATERIALS.
Relative Loss Frequency
permittivity Tangent (GHz)
(&) (tan §)

Material 1 [5] 2.36 0.013 500
Material 2 34 0.0025 77
Material 3 3.5 0.013 70

Material 4 [5] 3.55 0.0095 220

Material 5 [5] 3.86 0.011 220

Metal 9
Via 8
Metal 8
Via7
Metal 7
Via 6
—— Via 5
—— Via 4
wes V22
:x::‘ Via1
Cont
Silicon
Substrate

(b)

Fig. 1. (a) Simulation model of a 300 GHz on-chip patch antenna
designed in an RF CMOS process. (b) Metal-via stack of the RF CMOS
process used (not drawn to scale).

Fig. 2. Zoomed-in figure of the rectangular patch antenna.

III. SIMULATION SETUP

A full-wave 3D electromagnetic solver is used to model the
antenna and conduct simulation studies. The rectangular patch
antenna is designed in a nine-metal layer RF CMOS process.
Metal 9 is the thick bond-pad layer of thickness ~1um. Metal 1
is used as the ground plane and is ~8um below the patch. This
antenna is modeled on a 1x1 mm? chip which is placed within
an EMC encapsulation on a printed circuit board (PCB) having
a 4x4 mm? footprint, as shown in Fig. 1. The patch has a length
(Lp) of 240um, corresponding to ~A/2 at 300 GHz. The patch
width (W,) is 329.5um. Similar to that implemented in [5],
metals and vias between metal 9 and metal 1 are shunted
together to form a ground plane and ground walls, ~25um

93

around the patch, as shown in Fig. 2. This is done to suppress
surface wave generation and improve antenna directivity. A 50Q
microstrip feed line having a width of 17um is designed and
excited using a generic port in the 3D solver. Dielectric
properties and metal conductivity values are incorporated,
corresponding to the RF CMOS process (not disclosed in this
paper). Properties of materials 1, 4, and 5 are obtained from [5]
and [6] and properties of materials 2 and 3 are obtained from
commercially available EMCs. Accuracy of the simulation
studies performed in [5] and [6] were validated with
experimental corroboration. Furthermore, measurement of on-
chip patch antenna characteristics is challenging due to a lack of
reliable technique to de-embed the effects of the high-frequency
probe from the measurements. Due to these reasons, simulated
results are utilized in this work.
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Fig. 3. Simulated (a) |S;| and peak gain versus frequency without and
with (Material 3) 140 pm thick encapsulation. ¢ is not fixed at 0°. (b) 3-D
polar plot of gain at 300 GHz showing peak of 4.36 dB. (c) Radiation (gain)
patterns in planes ¢ = 0°(red) and 90° (blue) overlaid on the antenna model.

IV. SIMULATION RESULTS AND DISCUSSION

The frequency response of gain and return loss of the
antenna, without and with a 140pum thick encapsulation made of
material 3, is shown in Fig. 3(a). Similar to the results in [5], an
increase in peak gain and impedance bandwidth is observed in
the 300-GHz on-chip antenna designed using the RF CMOS
process in this work. A 6X impedance bandwidth (|S1:|<—10 dB)
improvement from ~3 GHz to 18 GHz, an increase in peak
antenna gain from 1.6 dB to 4.36 dB at 300 GHz, and an ~3dB
improvement in peak gain is observed throughout the frequency
band (see Fig. 3(a)). The encapsulation thickness of 140um
corresponds to the efficiency maxima for material 3 as seen in
Fig. 6 [5].

A 20% improvement in radiation efficiency is also
demonstrated when the thickness of encapsulation, above the
patch is ~A/4 in the EMC material. Among two EMC materials
having the same loss tangent values, the effect of permittivity on



the fringing fields is evident (see curves for materials 1 and 3 in
Fig. 4). Encapsulating the antenna with an EMC made of
material 3 which has a higher permittivity (of 3.5), improves the
peak radiation efficiency by ~5% more than the improvement
from material 1 which has a lower permittivity (of 2.36).
Material 2 which has the least value of loss tangent (0.0025)
shows a 25% improvement in antenna radiation efficiency when
encapsulated. Materials 1, 4 and 5, show similar trends as
previously reported for the on-chip antenna designed in a 65-nm
CMOS process [5,6].
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0.1 03 04

0
0
Packaging Encapsulation Thickness (mm)
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Fig. 4. Efficiency at 300 GHz versus package thickness (um) for
different materials. (4 x 4 mm? footprint).

The effects of conduction and dielectric losses on radiation
efficiency were simulated, and results were analyzed as per [6].
The dielectric loss tangent of material 3 is set to zero, and the
conduction (I’R) losses are eliminated by making the metals
perfect conductors. For the completely lossless case A (no
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Fig. 5. Efficiency at 300 GHz versus package thickness (um)
incorporating conduction and dielectric losses part-by-part, for an on-chip
patch antenna encapsulated using material 3.
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dielectric and no conduction losses), the radiation efficiency is
~100% (see Fig. 5). Case B demonstrates that ~20-30%
reduction in radiation efficiency is due to the loss of the EMC
material. On the other hand, case E shows that ~55-70% loss in
radiation efficiency is due to the lossy metals. Case D shows a
similar trend where the reduction in efficiency due to the lossy
ground plane and the lossy dielectric is ~55-70%. Case C shows
the contribution of a lossy patch and lossy dielectric, while the
ground plane is lossless. Collectively, the patch and EMC
contribute to ~40-60% reduction in radiation efficiency. Lastly,
case F shows an overall decrease of ~60-80% in the antenna
efficiency at 300 GHz, when the on-chip patch (designed using
the RF CMOS process) is encapsulated within a package made
of EMC having properties of material 3.

V. CONCLUSION

This paper extends the work published in [5] and [6] with
five EMC materials that are used to show improvement in the
radiation characteristics of a 300-GHz on-chip patch antenna
designed in an RF CMOS process. Upon encapsulation of the
antenna within an over-mold of material 2, a 25% improvement
in radiation efficiency is observed. The —10-dB |S1:| bandwidth
of the 300-GHz patch antenna improves 6X from ~3 GHz to 18
GHz upon encapsulation within a 140pm thick EMC made of
material 3. The peak gain with this over-mold also increases by
~3 dB over the entire band of operation. Factors contributing to
the reduction in radiation efficiency have also been discussed. It
is determined that the EMC material causes ~30% reduction in
antenna efficiency. In contrast, the metallic losses are the major
contributors to up to 70% reduction in radiation efficiency of the
antenna simulated in this work. The results presented in this
paper, along with that shown in [5] and [6], demonstrate a
technique to co-design an on-chip patch antenna incorporating
packaging effects.
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Abstract— Integration of high-speed digital electronics and
high-frequency radar channels in a package with limited layers
can result in compromised return paths and degraded signal
integrity. In this paper, we designed a digital block over a 77
GHz RF channel and used different package models to evaluate
the digital coupling between the digital and RF blocks and the
effect on their signal integrity.

Keywords— Signal integrity, Mixed-signal, RF, RADAR, 5G,
6G packaging, Waveguide, Launcher

I. INTRODUCTION

Mixed digital and RF packages for automotive RADAR,
5G and 6G applications require careful attention to digital and
RF signal integrity as well as cost sensitivity. Therefore, it is
desirable to use fewer substrate layers. A package such as 4-
layer 1-2-1 instead of 8-layer 2-2-2 can offer significant cost
savings in the long run. This generally means a main digital
signal routing layer on M1 as microstrip where M2 is the
ground plane. However, due to density requirements of digital
and when a waveguide launcher is used, the M2 area above
the launcher must remain RF ground, not the digital ground,
even in large areas under the signal microstrips. This raises
concern over the signal integrity of the digital bus as well as
potential coupling of digital harmonics into the RF.

In this paper we analyze two variants of a waveguide-
launcher-in-package design with M1 digital signal microstrip
lines running partially over the 77GHz RF M2 ground plane.
We examine the digital signal integrity and assess the noise
coupled from the digital to RF Loop. The signal integrity is
compared to a reference design (without RF) that uses
standard microstrip with solid digital GND plane on M2.

In the first variant, the existing M1 coplanar digital ground
fingers between the signals do not connect all the way through
to the die cage. Whereas in proposed second variant, the
fingers are squeezed-in and carried through all the way into
the die cage. Results show that the complete connection of
these fingers bridges the digital return current over the RF
ground patch well-enough to repair the signal integrity to
achieve quality similar to the reference microstrip design.

II. DESIGN AND TEST CASES

The overall module (Fig. 1) packages a fully-integrated
77GHz RFCMOS automotive RADAR transceiver chip and
provides eight waveguide-based RF IO. It consists of a 1-2-1
4-layer flip-chip chip-scale-package substrate using solder
ball grid array (BGA) for most signals but provides for mating
of the eight waveguides in a downward-firing arrangement.

The digital block with high-speed data lines runs partially
over the M2 RF ground waveguide backer on the top metal
layer (M1) as illustrated in Fig. 2. The normally-conducted RF
signal from the chip is wired to eight line-to-waveguide
transducers that are located on the bottom two layers of the
package. These must be backed with RF ground on M2.
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RF Launcher-in-Package HFSS 3D Model
FCCSP BGA Substrate

Eight Downward-Firing
RF Waveguides RX/TX

Fig.1. 3D view of the overall module. A Flip-chip RF die is mounted to a
FCCSP BGA having launchers with down-firing waveguides attached.

Scenario with Digital Lines Over RF GND

Digital signals pass

RF Loop
over slots and RF GND

Fig.2. Illustration of issue with digital lines travelling over RF ground.

The no-RF reference design (A) using standard microstrip,
where the data lines are over their own ground, is shown in
Fig.3 (left), while the first variant of the mixed-signal module
(B), having split grounds, is shown in Fig. 3 (right). The first
variant has a coplanar digital ground on M1, but the ground
fingers end in open-circuit a distance away from the die edge
and do not make it to the die cage. This disrupts the return path
and the ground current need to find a long-way around.

A. Standard Microstrip.
M2 All Digital GND

(No RF GND Split)

B. No M1 Dig GND Fingers.
With M2 Dig and RF GND Split

M2
Digital/RF
GND Split

/
M1 Dig GND

Fingers are
Open-Circuit

Fig.3. Reference standard microstrip design (left) compared to the mixed-
signal digital/RF module (right) having no M1 GND fingers

In the second variant of the mixed signal module (C) we
used the M1 digital coplanar ground finger and bridge traces
that are on M1 layer running alongside the data lines as shown
in Fig. 4. The ground fingers are taken all the way into the die
cage and connect to the digital ground die bumps. This
approach maintains an adjacent ground return path within the
M1 plane for these digital signals. Fig. 4 shows how the return
path with ground finger traces has been designed on layer M1.



C: With M1 Dig
GND Fingers.

M2
Digital/RF
GND Split

M1 Dig GND
Fingers Bridge
Into die cage

Fig.4. Mixed-signal digital/RF module having M1 GND fingers

The above three cases were modeled in HFSS (High-
Frequency Structure Simulator, from Ansys) to generate
wideband S-parameter models. These models were used in the
ADS (Advanced Design System, from Keysight) circuit bench
to evaluate the digital signal integrity and RF coupled noise.

III. MODELING

A. S-parameter models

The S-parameters for the three package test cases have
been extracted using HFSS modeling. A frequency sweep
from DC to 100GHz was used for the simulation. The adaptive
meshing process at multiple frequencies is used to efficiently
adapt the mesh for a more accurate and reliable solution across
the entire frequency range. A suitably-high number of
frequency points are used including DC point and low-
frequency points as-needed for accurate PISI simulation and a
fine interpolation convergence setting is applied.

B. ADS Testbench

ADS has been used to carry out the channel simulations to
evaluate the signal integrity of the digital and RF blocks using
the S-parameter models extracted in HFSS. Simplified driver,
board models and pseudorandom data patterns are used for the
simulations for simplicity. Settings are made in ADS that
ensure all devices are characterized through 100GHz. The
testbench designed in ADS for carrying out the simulations is
shown in Fig. 5.

Scenario Use-Case Model Block Schematic View
Package Model o

dod

1

: oy

\Lcn R3
H ) Ceer fF Reirf Ohm
22 — :

VPRESS
Taps="01010101"
Seed="01010101" -

Fig.5. Simplified ADS testbench showing extracted package s-parameter
model, data/clock sources, PCB transmission lines, and load terminations.

For the digital signal integrity portion of the simulations,
eye diagrams are used to visualize the quality. The eyes are
further characterized to pull out the maximum peak-peak
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jitter, reduced eye width and reduced eye height for the
different package models to quantify the differences in signal
integrity. It was chosen to use a 4 Gbps DDR-clocked (clocked
on both rising and falling edges) setup with four data lines and
a clock line. Signals are driven into the package in RX mode.
The signals are probed at the die pad of the module IC. For SI
simulation we used a transient simulation time of 1000ns
worth of bits and automated timestep of up to 25ps to get
reasonable run time and data size for the eye diagrams. For
realism and slightly tempering of the results a small 1 to 5 ps
worth of random jitter is applied. Each signal is uncorrelated
to the others. A 50-ohm source termination strategy is used at
the remote driving device. All signals use a 50-ohm board line
of 4cm length (though the models allow for sweeping the
values if desired). All lines are terminated inside the module
with a small capacitive load at the die pad.

For the digital-to-RF coupling simulations, a shorter set of
25ns worth of bits is used to capture the mm-wave noise
spectrum which is obtained through chirp-z time-to-frequency
transform. A much finer maximum timestep of 1ps is used to
get the needed bandwidth in the transform.

IV. RESULTS

A. Signal integrity of the digital block

We first analyzed the signal integrity of the digital signals
based on package design choices in the three test cases. The
simulations were carried out at different rise and fall times
(Trf) to also understand how the signal integrity is being
affected and the extent to which a better package design
helps. Fig. 6 shows the comparison between the eye diagrams
obtained for mixed signal variant package designs B (without
fingers) and C (with fingers). While the signal integrity of
both the packages have deteriorated with reduced rise and fall
times, the package with ground fingers showed substantially
better results more in-line with the reference design A.

All-Data-Overlay Eye Diagram for Trf=100ps

i No M1 GND Fingers WithM1 GND Fingers

I —_—
1.0 — - =gt
3
08 / | S os
0.6 © 0.6
| &
04 8 04
9
0.2- \ | > 02
E 0.0-
""—{w—'f—wl 5
(%)
02— | 02 T T T |
o 100 200 300 400 500 o 100 200 300 400 500

time, psec time, psec

All-Data-Overlay Eye Diagram for Trf=50ps
No M1 GND Fingers

With M1 GND Fingers

=L ! - —
T T al
200 300 400

Signal Voltage at Load (V)

& o

T
200 300 500

time, psec time, psec

All-Data-Overlay Eye Diagram for Trf=25ps
No M1 GND Fingers WithM1 GND Fingers

Signal Voltage at Load (V)

. T
300 400

T T
100 200
time, psec

Fig.6. Eye diagrams for different Trf.

time, psec



Fig. 7 shows a comparison between the eye diagram
obtained for the reference design A (left), versus the fingered
design B, with a rise time of 25ps.
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Standard Full Microstrip WithM1 GND Fingers

]
|
|
|

Signal Voltage at Load (V)

70 |
300

L
200

400

time, psec time, psec

Fig.7. Eye diagram Std. vs fingered design for Trf=25ps.

Summary charts comparing results for the three packages
are given in Fig. 8. The proximity between the reference
model A and the with-ground-finger model C can be noted
while the model B using no ground fingers shows higher
deterioration.
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Fig.8. Eye diagram properties showing With finger is about like or a little
better than Standard while No-finger is degraded

B. Digital coupling to RF

To analyze the effect of digital lines on the RF block we
compared the RF loop noise of package B vs. C. As expected,
the rise and fall times (Trf) played the key role in the amount
of coupled RF loop noise at mm-wave frequencies. The with-
fingers C design stood up better to reduced risetime than the
non-finger variant. The time-domain noise plots in Fig. 9 for
a 100ps risetime show noise to be cut in half using the fingers.

s No-Fingers With-Fingers
-
>
2
q’
o
c
>
15 A I I I [ 15  RISE RAZREE BN AR
0 5 10 15 20 25 0 10 15 20 25
time, nsec time, nsec

Fig.9. RF Loop Noise voltage for Trf=100ps.

The spectrum of the RF noise for Trf of 100ps, 50ps, and
25ps, are shown in Figs. 10, 11 and 12. The faster risetimes
are seen to push the power out more into the RF range. Faster
future bitrates may require the faster risetime. The results are
summarized by the charts in Fig. 13, where the fingered design
shows potential for 5 to 10 dB less coupling than no-fingers
approach in both sub-10GHz band and mm-wave bands.
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Spectrum of RF noise voltage for Trf=100ps
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Fig.10. RF Loop Noise voltage spectrum for Trf=100ps.
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Fig.11. RF Loop Noise voltage spectrum for Trf=50ps.

Spectrum of RF noise voltage for Trf=25ps
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Fig.12. RF Loop Noise voltage spectrum for Trf=25ps.
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Fig.13. RF Loop Integrated Noise in 1-10GHz and 70-84GHz bands.

V. CONCLUSION

Mixed-signal RF and mm-wave packages with waveguide
launchers require careful attention when density drives digital
and RF domains into closer proximity. This paper describes
the modeling used to conclude that digital bus could pass over
an RF ground and maintain quality as long as coplanar M1
ground fingers are used to bridge sufficient return current.
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Abstract—In packaging problems, S-parameter predictions are
necessary. Machine learning methods lead to dimensionality
related challenges which we address here through spectral trans-
posed convolutional neural network using 2D kernels. Results
show that Normalized Mean-squared Error (NMSE) dropped
0.002 by using 53.7% of the parameters.

Index Terms—microvia interconnection, convolutional neural
network, up-sampling

I. INTRODUCTION

Circuit designs often require the use of scattering (s) pa-
rameters for signal integrity analysis. S-parameters represent
frequency responses. Based on a combination of input geome-
tries for a structure, groups of S-parameters can be computed.
These responses can be learned through machine learning
methods. Learning S-parameters as an input parameter for
a neural network can create dimensionality problems since
each frequency point represents a dimension. An alternate
approach is moving the S-parameters to the output, which re-
quires up-sampling strategies. Traditional unsampling methods
include fully connected neural network (FCNN), unpooling
and autoencoder [1]. Recently we demonstrated the use of
Spectral Transposed Convolution Neural Network (S-TCNN)
[2] for these problems, where the design parameters are
learned using a fully connected feed forward neural network
(FFNN), followed by the learning of the features using a 1D
convolutional kernel. By creating a latent space, the neural
network is used to upsample the frequency responses thereby
constructing the S-parameters.

In this paper, we use 2D kernels to complete the up-
sampling process [3] instead of 1D kernels as well as op-
timizing the structure of S-TCNN to enable the movement
of 2D kernels. Based on 2D kernels, we are able to achieve
better prediction accuracy with a significant reduction in the
number of trainable parameters. In this way, the computational
resources can be reduced using fewer parameters, with the
reduced risk associated with over-fitting. In this paper, we
apply STCNN with 2D kernels for learning and predicting
S-parameters of interconnects in glass interposers, as shown
in Fig.1.

II. TECHNICAL APPROACHES
A. Convolution and Transposed Convolution

In machine learning, we often construct multiple connected
convolutional layers followed by activation function to map

978-1-6654-5075-1/22/$31.00 ©2022 IEEE
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Fig. 1. A typical chip embedding model containing embedded chip, inter-

connection and passive components

data from higher dimensional input space into lower dimen-
sional feature space. In Toeplitz form, the output y given input
x and kernel function A can be written as:

y=f(hxzx)= f(Hz) (1)
with ” wiwy - wg 0 -+ 0 -

Y2 Z2
y= | | H= | z= "] @
: o, .0 :

Yn 0 0’[011U2""U)k LTm

where () denotes the convolution operation, f(-) is the non-
linear activation function, H is the convolution matrix of size
nxm and y is the downsampled output of size n = m—k+1.

Instead of extracting feature patterns from input data, we
need to make predictions based on design parameters, which
requires the information flow to be reversed. This can be
achieved using transposed convolution operation. Similarly,
for an n dimensional input vector z, transposed convolution
operation can be expressed as:

y=fh+"a)=f(H" z) 3)

where *” is the transposed convolution operation and v is the
upsampled output of size m = n + k — 1. Both convolution
and transposed convolution operations share some common
parameters, such as stride which controls the length of kernel
movement in one step while padding is used to change the size
of the output matrix. Different kernels aim to capture various
local patterns, thus the choice of kernel becomes important.

B. 1D Kernel

The mechanism of 1D kernel is illustrated in Fig. 2. The
width of kernel must be equal to the width of the input matrix,
thus the kernel can only move in a single direction. 1D kernels
are generally applied in the processing of sequential data.



Transposed
Convolution

Convolution

Fig. 2. 1D kernel

C. 2D Kernel

Mathematically, the 2D kernel is written as:

y[m,n] = z[m,n] * h[m,n] = Z Z z[i, jlhfm — i,n — j] @)
Jj=—00 i=—00

where x and y are input and output functions and h is the
kernel function. The mechanism of 2D kernel is illustrated
in Fig. 3. The main difference compared to 1D kernel is
that the size of 2D kernel can be defined by the user and
it can move in both directions. Each filter in the convolutional
layers can consist of multiple 2D kernels, resulting in a size
of [Cin, H, W] where Cj,, denotes the input channels and H,
W represent the spatial width and height. Each filter yields a
single channel output. Thus the 2D kernel shares the learnable
weights for the entire input matrix and it can be used to capture
the spatial information elegantly.

Transposed
Convolution

Fig. 3. 2D kernel

III. MODEL SETUP
A. Staggered Via Setup

The staggered via is modeled using Ansys HFSS as shown
in Fig.4. The model incorporates an embedded co-planar
waveguide (CPW) chip inside a glass cavity and two copper
RDL layers (M1 and M2) plated on ABF, a polymer dielectric,
laminated above the glass core. The model is set up with
one side connecting to a microstrip line on the M2 layer
and another side connecting to the embedded CPW chip and
interconnected through the staggered via. Thicknesses of glass,
chip, ABF layer 1, ABF layer 2 and plated copper are 150 ym,
150 pm, 30 pm, 72.5 pm and 6 pm, respectively. Via sizes are
set to have an aspect ratio of 1:1, which means the diameter of
via 2 is 72.5 pm and via 1 is 30 pgm. To tune the performance
of the staggered via structure in terms of s-parameters, there
are ten parameters that can be changed as shown in the second
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subplot of Fig.4 (b). Ranges of these parameters are listed in
TABLE 1.

TABLE 1
CHARACTERIZATION PARAMETERS (pm)

Parameters Min  Max \ Parameters Min  Max
Gstub 20 60 lost 30 80
lms 500 700 Wepw 45 65
Wynd 300 700 Gepw 20 80
Wstub 60 120 Gy 30 60
lstub 80 200 Wins 70 200

B. Network Structure

Before all the data is fed into the transposed convolutional
neural network, we need to eliminate the bias that may mislead
the neurons, which is called normalization. At this time, 2D
kernels can not be applied directly since the dimension of input
is still relatively low. We construct 3 fully connected linear
layers to up-sample the input matrix as the initial step. As a
next step, 2 extra dimensions are added in order to reshape
the up-sampled input into batches of the matrix: [batches,
channels, rows, columns], where the channel determines how
many 2D transposed convolution filters are created for each
batch. In our example, we used six 2D convolutional layers
to learn the frequency patterns each followed by a tanh acti-
vation function. The data is then flattened and a C'oordConv
layer [4] is utilized to maintain the frequency axis information.
Further, the Bayesian dropout [5] technique is used to evaluate
the model related uncertainty during the inference loop. The
model is trained on PyTorch using CUDA to accelerate the
training process. 600 model simulations based on the Latin
hypercube sampling (LHS) method within the range specified
by TABLE. I are derived from HFSS amongst which 500
groups of simulations are used for training while the rest of
them are used for testing. The frequency axis in our application

b W_ms

G_fill :::l te‘mb

I_ms.

W_gnd

Glass (150 ym)

Fig. 4. Modeling and size of a staggered via.(a) Overview of the model. (b)
Sizes of the structure.
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ranges from 1GHz to 170GHz in a linearly spaced step of
0.1GHz, which corresponds to 1690 points in total.

IV. RESULTS

The goal of our experiment is to utilize 2D kernels to
achieve better prediction accuracy while reducing the required
computational resources compared with 1D S-TCNN. The loss
function used for back propagation is described in [2]:

=

N
1 1 )
Lieg = - ik — Gn 5
freq N nz:; i ; (y k=Y Jﬂ) (5)
After a certain number of iterations, we use normalized mean-
squared error (NMSE), which can provide a normalized scale
for different outputs, to evaluate the quality of predictions:

ZkK:1 (Gn,k — yn,k)Q
2
K K
Zk:l (y"»k - % Zk:l yn,k)

The comparisons between 1D and 2D S-TCNN are listed in
Table II. The trainable parameters include all the weights
and biases in the corresponding network. The 1D S-TCNN
has 4 transposed convolutional layers consisting of more than
80K parameters while the 2D S-TCNN has 2 more layers
but contains much fewer trainable parameters to be optimized.
The required RAM for 2D S-TCNN is also smaller than 1D
S-TCNN which means it saves more computational resources.
Based on 2000 iterations, the training time for 2D S-TCNN is
longer which is expected due to the bi-directional movement
of the kernels. Both ID S-TCNN and 2D S-TCNN can
achieve promising accuracy in the case of frequency response
predictions. 2D S-TCNN however has a lower final loss as well
as NMSE with the number of parameters being only 53.7% of
1D S-TCNN. Examples of predictions on testing set are shown
in Fig. 6. Both 1D and 2D S-TCNN can learn the S-parameter
patterns and make predictions for new design parameters. 2D
S-TCNN yields relatively smoother curves and better captures
the frequency resonance due to the bi-directional movements.

1 N
NMSE:NZ

n=1

(6)

V. CONCLUSION

We show that with 2D kernels the number of trainable
parameters of S-TCNN is reduced significantly without the
loss of prediction accuracy. Both the width and length of the
2D kernel can be defined thus it can fit the output dimension
flexibly. In our model, we use 53.7% of the total number
of parameters of 1D S-TCNN and the final loss is reduced
from 0.535 to 0.311. The GPU RAM required to train the
neural network is also reduced by 1.5 GB. Future work may

TABLE 11
1D AND 2D KERNELS COMPARISON

1D S-TCNN 2D S-TCNN
Trainable Parameters 85908 46142
Linear Layers 3 3
Convolutional Layers 4 6
Channels 20,50,50,50 10,30,30,20,15,12
Strides 1,2,2,3,2  (2,2),2,2),(2,2)
1,2),2.4, 1,2
Activation Function ReLU tanh
Training Time 4.2 min 5.6 min
RAM 8.7 GB 7.2 GB
Final Loss 0.535 0.311
Validation NMSE 0.024 0.022
(a)—lo 1D S-TCNN 0.0 2D S-TCNN 0.0

S21 (dB)

label

0 20 40 60 80 100 120 140 160
Frequency (GHz)

-50 bels
20 40 60 80 100 120 140 160
Frequency (GHz)

(b) 2D S-TCNN for Various Testing Cases

2.5

2.5

20 40 60 80 100 120 140 160
Frequency (GHz)

Fig. 6. (a) ID and 2D S-TCNN prediction comparison (b) 2D S-TCNN
predictions for complicated frequency patterns

include optimizing the structure of 2D convolutional layers to
accelerate the training time.
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Abstract— Radiation pattern measurements of a millimeter
wave (mmWave) antenna integrated in a package possesses
several challenges due to its miniaturized size, available feeding
methods, and inherent structural limitations of the package that
calls for an innovative solution. This paper discusses two novel
approaches to feed a wideband antenna fabricated inside a flip-
chip enhanced QFN (FCeQFN) using a standard waveguide in
the frequency range of 140GHz to 220GHz. The two approaches
support the proposed antenna characterization methodology by
achieving a 41.25% and 100% of -10dB bandwidth with a
maximum attenuation of 3dB and 3.34dB, respectively. Further,
we discuss the performance comparison of these transitions
along with their implementation feasibility. A brief description
of measurement structures and antenna radiation pattern
analysis for a slot bow-tie antenna is reported.

Keywords— Antenna-in-package (AiP), flip-chip enhanced
OFN (FC-eQFN), millimeter-wave (mmWave) planar antenna
radiation pattern characterization methodology using waveguides.

1. INTRODUCTION

Antenna-in-package (AiP) is emerging as a standard
practice for high-speed radio frequency (RF) transceivers and
being recognized as universal solution. With the surging
demand for compact and low-cost solutions in mobile
communication, industrial and automotive sensors, AiP is
becoming the popular option with an ability to realize a
balance between the requirement of miniaturizing RF front-
end modules (RF FEMs) and optimal performance. This is
achieved by targeting millimeter wave (mmWave)
frequencies, utilizing the benefits of higher bandwidth and
smaller real estate [1]. By implementing this approach, the
area consumed by RF FEMs which is dominated by antennas,
has been reduced and in the range of millimeter squares,
challenging the measurement and characterization process [2].

The most popular approach to measure these small
elements is by a probe-based technique that requires a high
frequency ground-signal-ground (GSG) probe to feed the
antenna [3]. This method possesses several challenges
including, (a) proximity effect of probes causing surface
waves to travel towards the antenna infiltrating the radiation
patterns [4], (b) effect of measurement setup that brings the
components like the waveguide closer to the antenna in the
direction of polarization [3], and (c) with AiP, problems
associated with package substrates such as surface roughness
affecting the proper contact of probe and the possibility of
damaging them in the process. The wavelength shrinks and
has minimum variation at these high frequencies. Thus,
increasing the antenna feed length by 3 ~ 4\ does not help to
reduce the effect of (a) and (b).
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In this work, two new approaches to feed the planar
antenna structure inside a flip-chip enhanced QFN (FCeQFN)
are introduced for the first time that supports the improvised
measurement methodology. The transitions for these
approaches are designed using a three-layer (3L) FCeQFN
substrate that enables the realization of different types of
transmission lines and substrate integrated waveguides (SIW).
A study on implementation feasibility of these transitions is
provided along with the initial fabricated structures. Further, a
detailed discussion on the impact of the transition on antenna
radiation patterns is discussed using a comparison of an ideal
and transition fed slot bow-tie (SBT) in FCeQFN package.

II. PACKAGE STRUCTURE

A. FCeQFN Package and Modified Version of FCeQFN

The base FCeQFN structure shown in [5] provides the
ability to build multiple copper layers using the additive
process of copper plating into mold compound to form a
substrate as shown in Fig.1. The silicon die is flipped on this
routable substrate forming the entire base FCeQFN package.
This package provides the benefit of implementing solid wall
structures that ensures end-to-end metal continuity, providing
excellent isolation and no observed inter-layer and inter-
structure radiation leakage.

Antenna Cu Post
3 o cer2 *+Sold
& Feed Layer1 Layer2 Toolder Silicon

Antenna,
Substrate

Mold

ackage
Substrate

Fig. 1. Initial design of FCeQFN package with two-layer substrate.

The modified version of FCeQFN package is realized with
a 3L substrate as shown in Fig. 2. This provides benefit to both
the antenna and transitions due to increased substrate
thickness from 175um [5] to 200pum, extending the
modularity for implanting different structures inside the
package that will be discussed in the following sections.

el 1 walg [ I

Antenna | |
Substratf B e L
L OFNP
Solder

Fig. 2. Modified three-layer FCeQFN package substrate.

Package
Substrate

III. MEASUREMENT METHODOLOGY AND TRANSITION DESIGN
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The methodology is based on feeding the device under test
(DUT) i.e., a planar SBT antenna structure, through an
electromagnetic radiation barrier, isolating the DUT from the
feed as shown in Fig. 3. The package is soldered to a printed



circuit board (PCB) that has a ground plane and a plated
through hole via, connecting a standard waveguide from
underneath of PCB. With the benefits of minimal leakage that
can be achieved through this package structure, a completely
isolated transition can be realized limiting any radiation
leakage on the PCB ground that can translate into surface
waves and infiltrate the measurements.

» ©¢QFN Substrate

Package Based
Antenna Feed
Transition

PCB Based
Signal
Transition

PCB
Ground as
EM Shield

For

Direct Feed >
approach I

For approach I & III s (waveguide)

Fig. 3. Measurement methodology for mmWave antenna in eQFN package.

The external signal feed used for this methodology is a
waveguide, similar to the one used in [6]. The signal from
waveguide passes through the plated and then into the
package with a transition that turns the signal 90 degrees in
the direction of the DUT. The approaches taken for realizing
these transitions are described in the following sub-sections.

A. Package Based Transition Design — Approach-1

Approach-I is designed using the multi-level transmission
lines interconnected through vias that drive the signal from
PCB to the antenna. The package is connected to the PCB
through a via that is completely surrounded by wall 1 present
in the bottom most layer of the package as shown in Fig. 4.

1 T3 1 T2 1
i —

™

T1. Asymmetrical
Stripline to Via
Transition for PCB
contact

Location of
PCB connected
wall 1 via with

solder

T2. Asymmetrical
Stripline to Asymmetrical
Stripline Transition

T3. Asymmetrical
Stripline to GCPW
Transition for
Antenna Feed
Solder  mm—

Fig. 4. Approach-I with multi-level transmission line based antenna feed.

Considering the measurement setup for approach-I shown
in Fig. 3, wall 1 via is soldered to a buried via on PCB that
connects to a an embedded stripline followed by a horizontal
SIW. The PCB integrated SIW is excited using a standard air-
filled waveguide that is connected to a vector network
analyzer (VNA) through WRS band frequency extenders.

Inside the FCeQFN package, the signal travels through the
wall 1 via that is connected to the asymmetrical stripline
present in layer 1 directing it towards DUT. An asymmetrical-
to-asymmetrical stripline transition is required to bring the
signal from layer 1 to layer 2. The SBT antenna is part of layer
3 as shown in Fig.1, that is fed by a conductor backed coplanar
waveguide (CBCPW) to avoid the balun implementation. An
asymmetrical stripline to grounded CPW (GCPW) step is
accomplished using wall 1 via followed by GCPW to CBCPW
transition that delivers the signal to the antenna.

B. Package Based Transition Design — Approach-I1

Approach-II works with a direct feed that does not require
PCB-based embedded transitions. The package is soldered on
a plated through hole via that connects an external waveguide
to the vertical SIW inside the FCeQFN package as described
in [5]. Fig. 5 shows the signal propagation path that starts with
a vertical SIW which is derived using both the layer and wall
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1 and 2, respectively. A vertical to horizontal SIW transition
is realized by creating an opening in layer 2 that couples the
signal without using any traditional methods such as,
extending a similar dimension waveguide, using back-short
and, using a coupling element such as a patch. The dimensions
of the vertical SIW for this solution aligns to the standard
WRS band waveguide, i.e., 1295um x 648um whereas, the
horizontal SIW has dimensions of ~600um % 45pm. Further,
a horizontal SIW to GCPW transition is required to get the
signal transitioned in the required antenna feed format.

Horizontal STW
between layer 2 & 3

Solder to Vertical
SIW transition

Horizontal STW to
GCPW Transition

Fig. 5. SIW based antenna feed inside package for approach-II.

C. Package Based Transition Design — Approach-I11

Approach-II is an extension of the method described in
[5], calling it as approach-III, that utilizes a coupled patch
mechanism to translate the signal from waveguide to an
asymmetrical stripline.

IV. RESULTS AND DISCUSSION

The simulated S-parameters of approach-I are shared in
Fig. 6 that shows a full band coverage (80GHz) with a solder
thickness of 100pum. The results are from Ansys HFSS with a
preliminary surface roughness model providing a maximum
attenuation of 3.34dB at 220GHz. The impedance looking
from the GCPW side is 50Q whereas, from the PCB
connected via is ~27Q. Fig. 6 shows both ~27Q and 50Q
normalized impedance at PCB connected via displaying the
impedance mismatch tolerance of the transition.
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Fig. 6. S-parameters of approach-I based antenna feed transition.

The package to PCB interface via i.e., part of wall 1 has a
55um diameter with a pitch of 160um. Though, it aligns with
a few PCB manufacturing process, demands for strict process
control. The variation of solder thickness impacts both via 1
and the asymmetrical stripline on layer 1 due to proximity to
the closet ground i.e., present on PCB. The inductance of via
1 increases with the thickness shifting the resonant frequency
and impacting the performance of the transition. Further, to
realize this as a complete solution, a PCB with a stripline or a
CPW to horizontal SIW transition is required adding more
complexity. This makes the transition dependent on the
assembly process that can be difficult to control.



Fig. 7. illustrates the S-parameters of approach-1I showing
a limited -10dB bandwidth of 33GHz i.e., covering 41.25% of
WRS band. Radiation leakage observed at the SIW to GCPW
junction impacts the performance of approach-II, providing a
maximum attenuation of ~3dB at 213GHz. A performance
comparison of all three approaches is provided in table I.

=S - ——e_ o o

-5 -3.125
-10 -6.25
% 15 i -9.375
B \
2 20 v 125 B
: )
L .25 i -15.62
w ! Bosas, )L
i Approach2
=0 'l: aosseyr | 1875
Hi Approach2
-35 :,' ©0BsE2)L  |-21.88
] Approach2
-40 ¢ 25
140 160 180 200 220
Frequency (GHz)
Fig. 7. S-parameters of approach-II based antenna feed transition.
TABLE L TRANSITION PERFORMANCE COMPARISON
Specifications Approach I | Approach Il | Approach III'[5]
-10dB Bandwidth 80GHz 33GHz 17GHz
Min. Attenuation 1.33dB 2.42dB 1.7dB
Max. Attenuation 3.34dB 3.4dB 2.5dB

* Restricted two-layer FCeQFN package with 175pum substrate thickness
In approach-1I, the solder thickness acts like a waveguide
extension connecting the electroplated via on PCB with a
standard waveguide and making it tolerant towards the
thickness variation, exhibiting less dependency on assembly
process. The manufacturability of PCB based via is confirmed
through the initial fabricated PCB that matches the dimensions
of a standard WRS band waveguide as shown in Fig. 8 (a). In
approach-II1, the closest ground to the asymmetrical stripline
is present inside the package i.e., Layer 1, confirming minimal
impact on the performance due to solder thickness variation.

5.4mm

aficsooENEbD

3.3mm

( TETTITTTEN]

(b)

Fig. 8. (a) Preliminary fabricated PCB for validation of via dimensions, (b)
transition fed antenna using approach L.

A transition integrated SBT antenna with approach-I is
shown in Fig. 8 (b). The radiation patterns of both cuts, phi
Odeg and 90deg, are depicted in Fig. 9 and compared with an
ideal fed antenna. The comparison of radiation patterns in Fig.
9 confirms the ?egligible impact of the transitinon.
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Fig. 9. Radiation pattern of SBT antenna — (a) ideal fed, (b) approach-1
based transition fed.

The only observed effect is in peak realized gain due to a
minimum signal attenuation of 1.33dB in the transition.
Similar effect is observed in case of other approaches as well.

CONCLUSIONS

The paper introduces two new antenna feed approaches
that support the proposed measurement methodology to
characterize the radiation patterns of an antenna integrated in
a FCeQFN package for WRS frequency band applications.
With a modified 3L FCeQFN configuration, approach-I
offers a prospective solution providing a full band coverage
with maximum attenuation of 2.23dB and better isolation. A
detailed study on end-to-end implementation feasibility of
both approaches highlights the strict fabrication and assembly
process control requirements for realizing approach-I,
bringing approach-II a viable option. A brief comparison of
antenna radiation patterns is also provided showing minimal
impact of the transition, providing the proof of concept.
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A Low EMI Board-to-board Connector Design
for 5G mmWave and High-speed Signaling
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Abstract— In this paper, we propose a new board-to-board
connector design for SG mmWave and high-speed signaling. The
proposed board-to-board connector has a socket shield and mid-
plate between pins. The socket shell reduces electromagnetic
interference (EMI), emitted to the outside and the mid-plate
reduces crosstalk between terminals. We verified the signal
integrity performance and EMI reduction effect of the newly
added ground structures through EM simulation. However, due to
the increased ground structure, the return current path of the
signal is split, and resonances are generated. We analyzed the
resonances through the J-field change according to the frequencies.

Keywords— Board-to-board (BtB) connector, electromagnetic
interference (EMI), mid-plate, return current path split,
resonance, shielding structure

I. INTRODUCTION

In recent years, mobile electronic devices are becoming more
compact and integrated. Mobile devices require various sensors,
antennas, and chips to perform a set function, and they must be
combined into a single system. However, each component is
modularized, so a miniaturized connector is needed to connect
each component without loss. One of these components is a
board-to-board (BtB) connector used to connect two printed
circuit boards (PCB) or flexible printed circuits (FPC) [1]

Fig. 1. shows the approximate form of the BtB connector and
how it is used in a mobile application. The BtB connector has
the advantage of being able to use both analog and digital
signals, single-ended and differential signals. For RF, the BtB
connector transfers data from the 5GmmWave antenna module
or 3G/4G/GPS/Wi-Fi antenna to the main PCB. It is also
available for high-speed signaling, which consists of
differential pairs for USB or Thunderbolt. It is also possible to
transfer the power of the battery to the main PCB.

However, the increasing data rate of mobile devices and the
use of high-frequency bands such as 5G mmWave cause signal
integrity (SI) and electromagnetic interference (EMI) problems
in BtB connectors. First, the EMI problem is serious because
there are fewer ground structures than PCB traces in the BtB
connector. In addition, there are various components such as RF
modules, analog circuits, sensors, etc. on one PCB, and as data
rate increases, intra-system noise due to noise generated by
each component as well as loss is becoming a bigger problem.
In particular, in the case of RF noise, even small noise can be
greatly amplified, so it is even more sensitive as Fig. 1. shows.

There are many attempts to add additional shielding
structures to reduce EMI or crosstalk on various connectors,
including BtB connectors [1-2]. Although there are a wide
variety of ways to reduce EMI or crosstalk, the approach of
simply adding ground structures is likely to further deepen EMI
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Fig. 1. Board-to-board connector at a mobile device and EMI issues

problems or reduce SI performance. Resonance may occur
when a floating conductor exists or has multiple return current
paths [3].

In this paper, we proposed a BtB connector with a socket
shield and mid-plate located between plug terminals. The added
ground structures are effective in reducing the increased
crosstalk and EMI due to the increased data rate. The proposed
structure was verified through an E-field obtained through 3-D
EM simulation. In addition, how the additional side effect of
the proposed structure was analyzed in terms of return current
path and the design guide for better performance was presented

II. PROPOSAL OF BOARD-TO-BOARD CONNECTOR WITH
SOCKET SHELL AND MID-PLATE

Fig. 2. and Table I show the appearance and dimension
information of the proposed BtB connector. The BtB connector
is divided into the plug and socket parts. The plug and socket
have terminals that transmit signals or act as references,
consisting of a horizontal part that meets the solder mask
defined (SMD) type pads, and a vertical part that allow the plug
and socket to contact stably in a clip form. Each terminal is
spaced at a certain distance to the specification. As shown in
Fig. 2. (b), the mid-plate for reducing crosstalk between
terminals belongs to the plug part and is assembled in two
considering manufacturability. The socket has a shell structure
to prevent EMI emitted to the outside. The mid-plate and
terminals are composed of copper alloy, while the socket is
composed of stainless. The lower part of the socket shell is
slightly bent outward to minimize the coupling effect with the
terminal.



Housing
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Fig. 2. (a) Proposed board-to-board (BtB) connector (b) and its side view

TABLEI
MATERIAL PROPERTIES AND DIMENSIONS OF THE PROPOSED BOARD-TO-
BOARD CONNECTOR

Value
LCP S475 (Dk=3.7, Df=l1e-3)
STS 301(cond=1.38e6 S/m )
C7025 (6=2.33¢7 S/m)

Parameter

Material of the housing
Material of the socket shell
Material of the terminal and mid-plate

Width of the socket shell (Wghen) 4 mm
Depth of the socket shell (dgenr) 2.11 mm
Height of the socket shell (hgerr) 0.63 mm
Width of the terminal (Wierminal) 0.12 mm
Space between terminals (Sierminal) 0.23 mm
Thickness of the terminal (tierminar) 0.07 mm
Space between a terminal and a mid- 0.15 mm

plate (sim)

The impedance of conventional BtB connectors is defined by
adjacent ground terminals, while shell and mid-plate
additionally affect the impedance of the proposed BtB
connectors. In addition, the mid-plate is short only on the plug
PCB side and the shell is short only on the socket PCB side.

The proposed BtB connector is designed to be used
simultaneously for single-ended RF such as 5G mmWave and
high-speed signaling using differential pairs such as
USB/Thunderbolt. Fig. 3. shows an example pin map for each
situation. The proposed BtB connector structure is applicable
not only to the 10-pin BtB connector shown in Fig. 2 but also
to all BtB connectors with various pin counts.

ITI. SIMULATION RESULT AND ANALYSIS OF PROPOSED BTB
CONNECTOR

Fig. 4. shows E-field at 1 GHz of the proposed BtB
connector with shell and mid-plate and conventional BtB
connector. In the BtB connector without a shell, the E-field
formed by the terminal is emitted to the outside without any
restraint. On the other hand, a BtB connector with a shell
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Fig. 3. (a) pin ma(p )of 10 pin BtB connector for 5G mmvflaile and (b) pin map
for high-speed signaling
blocked EMI generated from the terminal. Moreover, The lower
side of the shell is bent outward so it maintains distance from
the terminal, and accordingly, an unnecessary coupling effect
with the terminal is removed. The mid-plate shorted to the plug
side PCB significantly reduced the crosstalk to the opposite
terminal. However, the E-field of the socket side was still
emitted to the opposite side, because the mid-plate is opened
with socket side PCB ground.

First, when applying the pin map of 5G mmWave, all four
cases had multiple resonances in insertion loss and FEXT.
Since the length of the BtB connector is very short, so it is most
important to reduce the influence of resonance at the operating
frequency by making the resonance frequency as large as
possible rather than reducing the loss of the connector itself.
These resonances are caused because the return current path of
the signal changes depending on the frequency. The resonance
occurs at different frequencies because the ground structure of
each case is different.

The resonance frequency due to the return current path split
is defined as follows:

c c

fres - Ares@ ~ JAL Cors (1)

, where f.¢ is resonance frequency, A, is the wavelength at
the resonance frequency, c is the velocity of light, .55 is the
effective dielectric constant of the terminal, and AL is the
difference of the return current path. This is because a response
occurs at a frequency in which the phase difference of signals
transmitted through each return current path becomes 180
degrees.

The return current path according to the frequency of the
proposed Bt B connector was analyzed through a complex J-
field as shown in Fig. 6. The return current path was classified
as return path 0 (RP0) to adjacent ground terminals, return path
1 (RP1) to the shell of left under the corner, return path 2 (RP2)

dB(E Field)
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24 0000
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Fig. 4. (a) E-field of BtB connector with socket shell and mid-plate at 1 GHz
(b) E-field of BtB connector without socket shell and mid-plate at 1 GHz
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(a) The insertion loss and (b) far-end crosstalk (FEXT) of BtB

connector for 5G mmWave. (c) The insertion loss and (d) far-end crosstalk
(FEXT) of BtB connector for high-speed signaling.

to the shell of the right upper corner, return path 3 (RP3) to the
shell of right under the corner, and return path 4 (RP4) to the
opposite side terminal. The resonances occur at 34.5 GHz, 35.5
GHz, and 40 GHz as shown in Fig. 5. (a). Since the Nyquist
frequency when using 64-QAM in the 28 GHz 5Gmmwave
band is 4.67GHz, and the Nyquist frequency in the USB4,
which has a 20 Gbps data rate per lane, is 10GHz, assuming that
up to 7th harmonic frequency affects signal performance, all of
the resonances affects performance. Although the propagation
velocity and effective dielectric constant for each return current
path are different, the path length difference AL is 2.56 mm,
2.48 mm, and 2.22 mm based on the micro stripe line effective
dielectric constant of the terminal [4]. These values are the
length difference between RP1 and RP2, RP1 and RP3, and
RPO and RP4, respectively.

When the pin map of the high-speed signal is applied to the
BtB connectors, the resonance size becomes very small because
it has different pairs and the number of ground terminals is
significantly reduced. Furthermore, thanks to the mid-plate,
FEXT was significantly reduced in both pin maps

IV. DISCUSSION AND CONCLUSION

In this paper, we proposed a BtB connector with socket shell
and mid-plate for low EMI. Through 3-D EM simulation, we
verified the reduced EMI and crosstalk. Moreover, we analyzed
resonances that greatly affect the signal performance when the
BtB connector is used for 5SG mmWave and USB4 in terms of
return current path.

In the previous chapter, the magnitude of FEXT decreased
and resonance frequency increased as additional ground
structures were added. The reason why FEXT decreases is
additional ground structures and the reason why resonance
frequency increases are the length difference between the return
current paths decreases. Therefore, to have better performance
than the proposed BtB connector, the mid-plate and socket shell
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Fig.6. (a) Complex J-field of the propose(d)BtB connector at 32.5 GHz, (b) 35
GHz, (c) 40 GHz
must be shorted to both sides PCB ground plane, but physically
impossible for micro stripe line type PCB and FPC. The only
way is to make the difference between the return current path
small by simply transforming the position of the PCB pad and
the shape of the shell.
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